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Chapter 1: Introduction

1.1 Research Motivation

In the rich RF spectrum of mobile communications, Wi-Fi, RADAR, digital

data, and control systems, it is crucial to identify the RF interference signals that

can threaten the cybersecurity of well-protected systems, and can breach the in-

tegrity of the system introducing malware and/or soft and hard errors. The origin

and identification of such interference threats are critical. The need for a sensor for

remote detection and identification of such RF signals is of paramount importance.

In addition, the soaring market of automated vehicle systems is another field where

recognition of the surrounding environment is vital, where RF communication often

becomes a source for detection of nearby vehicles and surroundings. While there

are some existing techniques that are employed in these situations, hardly any ap-

plications exist that are capable of appropriate sensing with reasonable flexibility

which can be used in any situation and placement with compact size. Compact

size applications are beneficial because they expand applications of these sensors

widely.Flexibility is also important to be able to cover up various frequency ranges.

Lastly, many existing implementations do not have enough robustness required to

handle the harsh real RF environment. Therefore, developing a proper platform
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with an IC processing chip is the most important step for development of a system

which qualifies these special applications. In this context, the evolution of modern

integrated circuits draws attention and shows enormous potential for realization of

all types of analog electrical signal processing. Hence, this dissertation focuses on the

development of an RF tracking sensor in CMOS integrated circuit (IC) technology

to provide early detection of remote RF emissions.

1.2 Research Contributions

1.2.1 Design, Modeling and Evaluation of a Novel Angle-of-Arrival

Sensor

A design, modeling, and proof-of-concept of an on-chip AoA system was ac-

complished, capable of accurate detection of remote RF emitter source tracking[15].

The sensor chip consists of optimized LNAs, double-balanced Gilbert cell mixers

and local oscillator balance-to-unbalanced (LO BALUN) circuits. It captures phase

difference information transforming it into an analog voltage map that can be post-

processed by a microcontroller to provide the corresponding angle-of-arrival of the

remote signal. This AoA system has wider sensing capabilities. It is easily repur-

posed to different ranges of frequencies, and applications. It is more accurate in

comparison to traditional large-scale six-port interferometer AoA devices.

2



1.2.2 A Parametric Optimization Platform for Low Noise Amplifiers

The low noise amplifier parametric optimization platform was established

based on the combination of the gm/ID algorithm and gm3 cancellation technique[13].

Specific parametric optimization guidelines were provided to maximize performance

of interest. This design platform is expected to assist overcoming the optimiza-

tion of RF front-end module, where analog circuit engineers often face challenges

on meeting performance requirements due to complicated analog circuits trade-off

relations.

1.2.3 A Novel Approach to Develop Universal Strategies for Gilbert

Cell Mixers Design

This design methodology combines the current-bleeding method, the inductive

resonance method, the gm/ID algorithm technique, and the flicker noise optimization

technique to develop the key parameters necessary for the given application of AoA

sensing[14]. This methodology can become a universal approach to optimizing the

design of such Gilbert cell mixer modules.

1.3 Summary of the Dissertation

The design, modeling and evaluation of a novel RF directional tracking sen-

sor IC is the main focus of this dissertation. Starting with the survey research

on remote RF source tracking devices and discussion on overall system design ap-

3



proach, each specific module design and analysis are implemented, followed by the

system-level evaluation of the designed RF sensor. Chapter 2 discusses previous

research reports, and possible design approaches of remote RF source tracking. In

the following, the system description of the remote RF directional tracking sensor

IC along with theoretical background of the angle-of-arrival concept and antenna

placement for the design of this sensor is presented. Chapter 3 concentrates on

the design of a low-noise, high-linearity LNA. Various design techniques such as

the gm/ID algorithm, the gm3 cancellation technique are studied and developed to

meet the main focus of an LNA required for this sensor. Chapter 4 introduces a

local-oscillator BALUN circuit to enhance and support the operation of the next

Gilbert cell mixer stage. Important aspects including prevention of reverse-leakage

and magnitude matching are studied and discussed in order to arrive at the optimal

system. Chapter 5 reports the design and modeling of the novel double-balanced

Gilbert cell mixer based on the combined optimization methodology developed in

this work. The combined optimization methodology includes the current-bleeding,

inductive resonance, gm/ID algorithm, and the flicker noise optimization techniques

to suppress spurious signals and noise that inhibit angle-of-arrival sensing activity.

In addition, a further optimization technique is discussed to put the LO transistors

in optimal status. Chapter 6 discusses the circuit layout, the pad frame and the

packaging effects. These aspects are critical for confident angle-of-arrival sensing,

and are incorporated in the design process. The design strategy is investigated and

developed to improve robustness and reliability of the sensor operation. Finally in

Chapter 7, the detailed overall system-level evaluation is discussed, and experimen-

4



tal results from the first prototype are presented. The conclusion section of the

dissertation is discussed. Future work and future directions are also included.
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Chapter 2: Angle-of-Arrival Sensor Design and Development

2.1 Introduction

There are few applicable principles that utilize RF signals as sensing elements.

Time-of-arrival (TOA) technique and Time-difference-of-arrival (TDOA) technique

are the two main principles. These two approaches are both based on timely com-

putation of RF signal reception. The TOA technique is rooted in the transmission

of a signal and reception of the reflected. This requires complete implementation

of transmitting and reception modules. Such transceiver operation can accomplish

detection of target objects accurately by measuring time-of-flight.

The TDOA technique concentrates on the signal reception time difference be-

tween two signal receivers or more, to track a signal origin. It is solely based on

processing the received signal information, and hence is conceptually a passive ap-

plication in comparison to TOA devices. For example, multilateration algorithm

is a great example of an RF positioning system. However realization of the multi-

lateration algorithm requires a room-scale distance between multiple sensor nodes

(stations) for successful few nanoseconds-scale time sensing which expands system

scale dramatically. In addition, ultra-high sampling rate ADCs above Gbps are nec-

essary to post-process very short time differences. The scarcity of such high-speed
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ADCs and scattering sensor nodes in room-scale space constrain the portable-size

implementation of a sensor, making it impractical. Alternatively, an angle-of-arrival

algorithm can be used for RF directional sensing. A six-port interferometer system

has been used for angle-of-arrival sensing[55]. However, the angle-of-arrival detec-

tion through this system is inherently limited by the sensing range dependency on

the placement of the antennas and the phase detection mechanism.

To overcome the prerequisites of scattered RF sensor stations for multilatera-

tion and the limited angle-of-arrival detection range of a six-port interferometer, a

CMOS IC-based RF directional sensor is developed and introduced in this disser-

tation that consists of LNAs and double-balanced Gilbert cell mixers (GCM) that

allow phase detection for angle-of-arrival computation. The sensor provides high

angle-of-arrival accuracy, and also enables flexible RF incident angle-sensing range

regardless of antenna placement. Moreover, the integration of the whole system into

a single chip greatly reduces the physical scale of the sensor and extends its use to a

wider range of applications such as automotive, airspace, and medical technologies.

The CMOS IC chip is composed of custom designed LNAs coupled with ei-

ther on-chip, or external mini-chip antenna modules at the front-end. It includes

a double-balanced GCM and low-pass filters for phase detection, targeting a fre-

quency of fc = 2.4GHz, which can be tuned to a wider range of frequencies to target

different applications. The content discussed in this chapter was published in [15].
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2.2 Survey Research

An RF location tracking sensor is required to sense two types of information

for accurate source location tracking which are direction and distance. To begin,

relevant algorithms are introduced to achieve these goals. Such algorithms are either

used to track the distance to the sensing object or directional or distance information

of an RF emitter, or a coordinate which practically provides both direction and

distance information at the same time.

2.2.1 The TOA-based Positioning Systems

The RADARs and LIDARs are the commonly known examples of TOA technique-

based applications[11][48]. Fig. 2.1 shows the block diagram of the wide-angle laser

ranging system that is based on the TOA principle [9]. In spite of development of

alternative algorithms that can achieve similar functionalities, this is still a highly

praised algorithm for applications because of its long-proven technical reliability.

However, these devices inherently demand higher power dissipation due to

their fundamental technical constraints, and also have the potential to expose their

origins by transmitting signals, which can negate their usages critically in situations

such as military applications that require stealth features.

2.2.2 The TDOA-based Multilateration

The TDOA-based MLAT algorithm senses the target RF emitter’s location

by using signal reception-time difference between each station. Each distinct signal

8



Figure 2.1: Block diagram of the wide-angle airborne laser ranging system[9].

path of the received signals at each antenna that originate from the signal source

location contributes to a reception time difference among them. These reception

time differences with respect to the signal source, set mathematical relations that

represent potential emitter locations formed in hyperbolic surfaces as represented

in Fig. 2.2. Studies reported by Szullo et.al. [52] showed great potential of the

MLAT technique for positioning an unmanned air vehicle application. The unique

single point of the emitter’s origin can be calculated by specifying the intersection of

these hyperbolic surfaces that are formed by multiple TDOAs from antenna pairs.

An animation of the MLAT with an RF emitter E is shown in Fig. 2.3. A pair of

antenna stations R0, Rm and reception time difference τ0m form the Equation 2.1.
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Rm0
2 = (v · τm0 +R0)2

R2
m0 = (v · τm0)2 + 2 · v · τm0 +R0

2

0=(v · τm0)2 + 2 · v · τm0 ·R0 +R0
2 −Rm0

2

0 = v · τm0 + 2 ·R0 +
R0

2 −Rm0
2

v · τm0

(2.1)

Figure 2.2: Visualization of hyperboloid surface as a result of time difference between
two antennas.

The sensing station coordinates Rm and R0 are given since the placement of

stations is determined by the system designer. Assuming the TDOA between the

pair of station τm0 is given which must be measured in a real device, it can be

multiplied by the speed of electromagnetic waves since it travels in the air which

is equivalent to the difference of the signal path ddiff = c · τm. These relations

are presented in hyperbolic surfaces which are infinite sets of the emitter’s possible

location. Since hyperbolic surfaces are formed in three-dimensional space, equating

each 3rd order hyperbolic surfaces provides a 2nd order solution in two-dimensional

space, forming an intersecting line. Similarly, equating these 2nd order solutions
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provide a 1st order solution, which becomes the unique source origin coordinate. It

requires at least three pairs of stations to determine a target location. Therefore the

system can be formed with four antennas, for example, which formulates six unique

sets of hyperbolic equations.

.

Figure 2.3: TDOA-based multilateration geometry

Although the description above thoroughly demonstrates the theoretical back-

ground of the MLAT algorithm, a realization of the MLAT system faces multiple

challenges. The first problem is the difficulty of sensing the time difference of ar-

rival between each station, which is only a few nanoseconds. It demands extremely

fast-sampling speed ADCs (above 10Gbps) to be capable of sensing the time in this

scale. Such ADCs are difficult to implement due to physical constraints to sample

signals on time. The other problem is the matter of time synchronization at recep-

tion stations. Before the received signals from each station enters into the digital
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processing units, it is imperative that the signal stations are all synchronized in tim-

ing to avoid miscalculation of the signal origin. Various off-synchronization sources

such as propagation delay and RC delay can incapacitate and negatively impact

accurate time difference sensing. These two major systematic requirements lead to

serious challenges in the realization of this technique, although the algorithm can

be a great solution for signal sources with much lower propagation velocity such

as acoustic waves or sonar waves. An alternative approach is the angle-of-arrival

algorithm.

2.2.3 The TDOA based Angle-of-Arrival with Six-Port Devices

There is another algorithm based on the TDOA, the angle-of-arrival. It uti-

lizes phase differences in two antennas to compute the signal origin. The major

difference between the multilateration and the angle-of-arrival is that multilatera-

tion computes the coordinates of a signal origin while the angle-of-arrival computes

the direction of a signal origin with respect to the sensor station. Laemmle et.al.[30]

came up with a six-port device to realize an implementation of an AoA sensor. The

six-port interferometer has a long history ever since the first introduction by Engen

and Hoer[18]. A six-port interferometer has wide applications such as in demodula-

tion, modulation, radar, and power detection, while angle-of-arrival sensing is one

of its major uses. It consists of the two input and the four output ports by form-

ing six ports in total. For angle-of-arrival application, it requires three 90 degree

phase-shifting couplers and one Wilkinson power divider to process the two input
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signals into the four different relative phased outputs (Fig. 2.4) [21]. While the

devices accomplished the emitter tracking that covers certain ranges showing po-

tential for the AoA sensing, but it does have limitations. First, the sensing range is

extremely limited. Only the incident angle of up to ∼5 degrees is detectable which

restricts practical sensing significantly in a real environment. Second, it is highly

antenna-distance dependent. The antenna distance in the device crucially affects

the incident angle detection range which impacts detection flexibility to be unreli-

able. In addition, the complexity of the system demanding couplers and a power

divider for the six-port device adds instability to the sensing activity.

.

Figure 2.4: The schematic overview of the integrated six-port system including two
LNAs, four power detectors, and a passive six-port network[21].

Similarly Alexander Koelpin et.al.[28][54] reported a six-port interferometer

for an angle-of-arrival application. Combinations of the two inputs form the phase-

shifted superposition outputs where these are down-converted through power detec-
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tors (Fig. 2.5)[53]. The device applied the angle-of-arrival algorithm to compute

direction of an RF source by focusing on phase difference between the signals re-

ceived by the two antennas. Hence the essence of its application is on phase detection

through the four output ports.

Figure 2.5: An AoA detector based on one six-port system[53].

While the angle-of-arrival algorithm is an efficient way for emitter tracking,

the idea can be achieved in a more reliable and efficient way. The most important

thing is to secure accurate sensing and to cover a wide variety of frequencies, re-

gardless of antenna placement by overcoming the inherited limitation of a six-port

interferometer device. A transistor-based IC sensor was chosen in this dissertation

as a platform to achieve accurate and reliable AoA.
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2.3 System Description

The fundamentals of the angle-of-arrival (AoA) sensing technique based on

multiple antennas are discussed in this section, followed by a system description

and the sensing mechanism of the system. Essential modules of this sensor demand

optimal design of LNAs and GCMs. To these, the systematic optimization pro-

cesses of the LNAs, the BALUNs, and the GCMs are mandatory, concentrating on

suppression of noise and enhancing linearity.

s

o

z

s
∠𝐴𝐴𝐴𝐴𝐴𝐴 − 𝜃𝜃

∠𝐴𝐴𝐴𝐴𝐴𝐴 − Ѱ

x
y

Figure 2.6: (a)Angle-of-arrival diagram in planar view. The RF emitter O is shown
as a single point from Ant1-θ and Ant2-θ that are placed in distance s. (on left)
(b)Angle-of-arrival diagram in 3D view showing the azimuthal and polar angle of
the RF incident wave. (on right)

2.3.1 Angle-of-Arrival Fundamentals and Antenna Placement

Fig. 2.6(a) displays the example of an RF incident wave entering into the

RF sensor in the angle 6 AoA. It depicts the RF emitter location at O, the RF

propagation paths p1 and p2 and the antenna placement at Ant1−θ, Ant2−θ. The

RF propagation path p1 travels the extra distance λ((∆φ/2π) + I) until it reaches
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Ant1−θ compared to the distance that the path p2 that travels to Ant2−θ from O,

the signal origin. λ, the wavelength of RF signals, is equal to λ = c/fc = 12.5(cm)

for fc = 2.4GHz. ∆φ represents the phase difference between p1 and p2 entered

Ant1 − θ and Ant2 − θ. The two antenna positions Ant1 − θ and Ant2 − θ are

separated by the distance s. The distance s is correlated to I and is always larger

than λ(∆Φ/2π + I) as it is shown in Fig 2.6(a). I represents the multiples periods

of the received signal that the extra distance p1 travels and can be 0 or any natural

numbers which does not restrict the AoA detection range and is determined by the

antenna distance s. Based on Fig 2.6(a), the angle-of-arrival 6 AoA can be shown

as Equation 2.2.

sin (6 AoA) =
λ(∆φ

2π
+ I)

s
(2.2)

This equation can be simplified when the antennas are placed at the distance

of the target signal wavelength s = λ which then automatically determines I to be

0 since s ≤ λ((∆φ/2π) + I) must be valid. This antenna placement is the closest

distance possible between Ant1 − θ and Ant2 − θ and consequently minimizes the

system scale. The angle-of-arrival 6 AoA can be rearranged in Equation 2.3.

6 AoA = sin−1(
∆φ

2π
) (2.3)

An implementation of this sensor is achieved by detection of ∆φ from equation

2-10. The ∆φ detection is accomplished both on antenna pairs that are aligned

on the X-Y plane and Y-Z plane to detect AoA in azimuthal and polar angle,
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respectively as shown on Fig. 2.6(b). Both antenna pairs are placed in the same

distance s = λ.
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Figure 2.7: The system block diagram (grey area) consisting of two identical pairs
of AoA modules for the detection of azimuthal and polar angle.

2.3.2 System Block Diagram and AoA Detection Algorithm

Fig. 2.7 shows the system block diagram. The front-end modules consist of a

pair of the antennas Ant1−θ and Ant2−θ for the azimuthal angle detection and the

low noise amplifiers to amplify the received signals while maintaining a reasonable

signal to noise ratio. The next stage is the double-balanced GCM. It mixes the

RF input signals with the Local Oscillator (LO) signal where the RF+ and RF-

signals are fed to the amplified signals of Ant1− θ and Ant2− θ, respectively. The

RF+ and RF- inputs of the GCM are not differential input signals as in traditional

applications, but are single-ended with the phase difference of ∆φ. By applying
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the RF+ and RF- into the GCM this way, it enables phase detection between the

signals at Ant1 − θ and Ant2 − θ when mixing them with the LO signal. The

LO input is fed to the Ant − LO to guarantee an identical carrier frequency fc to

the RF input for zero-IF mixing since Ant − LO and the pair of Ant1 − θ and

Ant2 − θ receive the same RF source signal. It is amplified through the four-stage

LNAs and converted to the differential-ended LO+ and LO- by an LO BALUN

circuit. Multistage amplification of the LO signal is required to secure enough

magnitude to guarantee switching operation of the LO stage transistors for a clear

multiplication in the GCM. The output of the GCM can be derived mathematically

into Equation 2.4, 2.5. where RF+ = C cos (ω1 − κx1), RF- = C cos (ω1 − κx2) and

LO+ = D cos (ω1 − α), LO- = D cos (ω1 − α + 180◦).

V ′OUT+ = Vmax cos (2ω1 − (κx1 + α)) + Vmax cos (−κx1 − α) (2.4)

V ′OUT− = Vmax cos (2ω1 − (κx2 + α + 180◦)) + Vmax cos (−κx2 − α + 180◦) (2.5)

Filtering the first 2ω1 term out using low-pass filters, it leaves Equation 2.6,

2.7.

VOUT+ = Vmax cos (−κx1 − α) (2.6)

VOUT− = Vmax cos (−κx2 − α + 180◦) (2.7)

which are the outputs of this present system. These filtered DC outputs

are converted to digital by ADCs and coupled to a microcontroller. A microcon-
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troller matches DC voltages Vout+/Vmax and Vout−/Vmax to a corresponding phase

angle of cos function (Equation 2-8, 2-9), which in this case are −κx1 − α and

−κx2 − α + 180◦.

−κ(x1 + α) = cos−1(Vout+/Vmax) (2.8)

−κ(x2 + α + 180◦) = cos−1(Vout−/Vmax) (2.9)

Next, subtract Equation 2.8 and Equation 2.9 to attain the phase difference

represented in Equation 2.10.

∆φ = κx1 − κx2 (2.10)

Which is the phase difference of the RF+ and RF- input and completely in-

dependent of the phase α of the LO signals. Lastly, simply mapping ∆φ to the

corresponding 6 AoA from Equation 2-3 concludes the angle-of-arrival sensing. The

same process is repeated for the polar angle detection set. As the detection algo-

rithm is represented above, the major key factor of accurate angle-of-arrival sensing

is at the precise detection of ∆φ.

2.3.3 Post-Processing Examination

Microcontrollers are available to process data converted by ADCs. Since most

of modern microcontrollers include ADCs within them, it is possible to instantly

data-process analog inputs. Therefore, a microcontroller including two ADCs is
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applied externally for the post-processing in this system. The post-processing should

be achieved in the following order. First, receive the analog voltage Vout+ and Vout−

on the ADCs. Second, convert these two into digital. Third, divide the converted

Vout+ and Vout- by Vmax. Fourth, apply arccosine on these two values. Next,

subtract these two to finally get ∆φ. Finally, ∆φ is mapped to 6 AoA based on the

table internally programmed in a microcontroller to finalize the AoA sensing. The

higher the resolution of ADCs are, the more accurate sensing is achievable.

2.3.4 Antenna Arrangement

Antennas are the very first front-end signal receivers and as discussed above,

this sensor is designed with four antennas. Possible antenna types for this sensor

are on-chip antennas and mini-chip antenna modules. However, implementation of

an on-chip antenna in this RF sensor can be difficult, while it is an attractive option

if it can be designed, since these antennas require a sophisticated ground plane that

has to be completely independent from any devices nearby for concrete resonance at

a target frequency. The ground plane in this case would be silicon substrate which

is composed of many different circuit devices and metal traces. Securing completely

isolated antenna modules is not realistic. Alternatively, mini chip antenna mod-

ules are ready-to-go commercial antennas which can easily be applied and become

a great option. The benefit is much less noise and interruptive sources, as they are

protected with an isolated ground plane for sensitive antenna devices.

Beamforming and gain determine the signal reception range at the antennas
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hence these two factors must satisfy the sensor’s requirement to be eligible to sense

signals from all direction. Therefore, beamforming of the antennas to be used must

be isotropic, meaning it has to retain homogenous and universe gain through spheri-

cal space. Antennas of 0 dBi are ideal candidates. One of the great example antenna

modules is the Johnson technology’s antenna module 2450AT42E0100, that shows

excellent characteristics for this application with the peak gain of -2.0 dBi, frequency

bandwidth of 2.4G∼2.48GHz and 50Ω impedance[1]. Fig. 2.8 shows the PCB layout

of the chip antenna where the ground plane comes with a 50 mm x 30 mm platform

and the chip antenna is designated a space of 3 mm x 6.3 mm in the yellow foot-

print. Fig. 2.9 shows a detailed layout in achieving 50Ω impedance matching using

the LC network involving stubs, inductors, and capacitors. At the end of the trace

is where a BNC connector can be connected to through the 50Ω feed line.

Figure 2.8: PCB layout of the antenna module[1].

The placement of four of these antenna modules can be achieved on the RF
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sensor PCB where the RF sensor IC, external components, and the antenna modules

are all placed, space permitting as shown in Fig. 2.10. BNC connectors are applied

to hardwire each of the antenna modules and the RF sensor chip through coax

cables.

Figure 2.9: Geometries of the antenna system, RF integrated circuits and its mount-
ing PCBs.

It is possible to achieve a pocket size system in the RFIC platform including

the antenna modules, the RFIC in DIP40 package and the mounting PCB, even

though this antenna module takes the space of 50mm x 30mm, which is larger scale

than that of on-chip antennas.

2.4 Summary

This chapter discusses a design approach for a novel angle-of-arrival sensor, fol-

lowed by the theoretical background of TDOA based angle-of-arrival algorithm. The

sensor is founded on transistor devices as an integrated circuit, targeting a system-
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on-chip application. The module design’s unique approach exploits low noise am-

plifiers, double-balanced Gilbert cell mixers, and LO BALUNs for effective on-chip

phase detection. It represents superior sensing potential for six-port interferome-

ter implementations by revealing flexible detection bandwidth which can easily be

re-tuned if needed, and better angle-of-arrival detection range which is indepen-

dent to antenna placement. Lastly, antenna candidates appropriate for this sensor

application were discussed.
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Chapter 3: Modeling High Linearity Low Noise Amplifiers

3.1 Introduction

The current congested RF spectrum of mobile communications, internet-of-

things (IoT), RADAR, wireless internet, and digital systems, they can be exposed

to various sources of interference, resulting in critical cybersecurity threats[22]. Most

systems utilize RF front-end modules such as low noise amplifiers (LNAs) and mixer

circuits. Reliable modeling and implementation of such integrated circuits is increas-

ingly more challenging due to the evolving submicron technologies. For this reason,

this chapter introduces an efficient optimization technique and analysis of an LNA

that combines the gm/ID algorithm, the gm3 cancellation technique and the figure of

merit (FoM) index method. The design concentrates on low noise and high linearity

applications to guarantee robustness in congested RF environments while still pro-

viding sufficient levels of power gain, bandwidth, and power dissipation. Current

submicron CMOS technology requires a design strategy different than traditional

design approaches, due to enhanced short channel effects and increased parasitic

effects. Previous studies demonstrated the reliability of the gm/ID design approach

for submicron technologies[19][40]. This design approach characterizes a transistor

model for quantitative analysis by developing lookup charts of pre-evaluated data
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of gm/ID, ft, and ID/W . Another index that specifies trade-off factors analysis of

a transistor model, is the figure of merit (FoM). Often times, analog/RF integrated

circuits deal with various performance factors such as gain, linearity, power, and

noise. Hence, circuit designers have to make appropriate decisions to satisfy specific

design requirements and the FoM becomes a clear indicator to quantify the design

validity. The gm3 cancellation technique is another powerful technique to reduce

inherent nonlinearity of transistor devices. Combining these three design methods

results in developing an optimal solution reaching the design goals effectively.

Low noise amplifiers are located in between the 50Ω antennas and the Gilbert

cell mixer stage and are important front-end modules since the received RF signal

has to be properly amplified for precise angle-of-arrival sensing. Any noise in the RF

signal from the front-end modules can negatively, and critically impact the angle of

arrival sensing result. This is because noise from the earlier stage accumulates as it

goes toward the system output according to the Friis formula[29] which is Equation

3.1.

Ftotal = F1 +
F2 − 1

G1

+
F3 − 1

G1G2

+
F4 − 1

G1G2G3

+ · · ·+ Fn − 1

G1G2 · · ·Gn−1

(3.1)

In this chapter, different topologies for LNA design are examined in order to

arrive at the best topology for the LNAs for this RF sensor. Then the combined

optimization methodology mentioned above is introduced to get the best perfor-

mance for the given topology, followed by result analysis of the design. The content
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discussed in this chapter was published in [13].

3.2 Comparison of LNA Topologies

There are various LNA topologies developed and used in a wide range of ap-

plications. Common-source, common-gate, and cascode low noise amplifiers are the

most commonly used topologies. Each has pros and cons and their characteristics

can provide a platform to determine an optimal topology for this application. The

common-source amplifier features high input impedance, while it has relatively low

noise since it only consists of a single transistor. Its gain is moderate and so is

its linearity. Its reverse isolation is relatively low which derives from the feedback

parasitic capacitance Cgd feeding the input and output, causing reverse leakage and

a stability issue. The common-gate amplifier shows the smallest input impedance

among the three topologies and readily allows impedance matching with a standard

50Ω antenna. Also, high reverse isolation owing to relatively small feedback ca-

pacitance Cds (compared to Cgd) enhances stability. However, it has relatively low

gain, and noise figure that rises significantly along frequency. Third is the cascode

topology. It provides high gain due to the stacked structure with two transistors

and has the highest linearity due to high input and output isolation. In terms of

stability, it is better than the common-source (CS) amplifiers since the input and

output transistors are separated, which minimizes the feedback effect. However, its

noise level can only be higher than the CS topology amplifiers stemming from the

cascode topology that comes with two transistors. Table 1 shows the comparison of
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these three topologies.

Characteristic common-source common-gate cascode
Noise Figure Lowest Rises rapidly with

frequency
Slightly
higher than
CS

Gain Moderate Lowest Highest
Linearity Moderate High Potentially

Highest
Bandwidth Narrow Fairly broad Broad
Stability Often requires

compensation
Higher Higher

Reverse Isolation Low High High
Sensitivity to Process
Variation, Tempera-
ture, Power Supply,
Component Tolerance

Greater Lesser Lesser

Table 3.1: Comparison of the Three LNA Topologies[17][33][6].

To enhance and achieve better performance, there are various modified topolo-

gies reported, based on these three topologies. First is the folded cascode amplifier.

It consists of NMOS and PMOS transistors in parallel. The biggest advantage of

this topology is that it extends the output swing range by 1 ·Vov when compared to

the cascode amplifiers, allowing more headroom for the output signal. Second is the

shunt feedback amplifier. It has RC feedback interconnecting the input and output

of the common-source topology. In this way, the effective gain becomes less affected

by the gain of the amp itself and it enhances linearity and expands bandwidth. It

is especially advantageous with its ability to maintain input and output impedance

matching over a wide range of frequencies.

The topological analysis and focus on the few critical design factors provide

guidance to narrow down an optimal topology for this particular application. The
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goal is to provide an accurate phase detection of ∆φ which is heavily influenced by

noise, jitter, and third-order intermodulation distortion (IMD3) effects. These fac-

tors can be controlled and optimized based on (a) choosing an appropriate topology,

and (b) developing improvements through further optimization. Both of these two

design strategies are important particularly because it is a front-end module that

propagates its effect to the adjacent modules. For these motivations, the common-

source LNA can be a great choice due to its low noise nature and better immunity to

process variation and power supply variation. In addition, relatively fewer restrains

on space and power consumption of this application makes the use of the common-

source topology here more suitable. Various design parameters such as total gate

width, finger length per width and number of fingers, RF shielding guard rings, lay-

out factors and many more are considered and adjusted to satisfy the requirements.

3.3 Noise Analysis

In this section, noise analysis is discussed to be utilized for LNA optimization.

Noise analysis is a complicated process as it is often correlated to several factors

such as gain, power, bias, and linearity, as shown in Fig. 3.1 where the analog

design trade-off octagon is shown. For the application developed here, our combined

optimization methodology takes targets noise, linearity and gain into an account.

To get a lower noise figure, certain degrees of gain should be sacrificed. In addition,

linearity of devices is correlated to both noise and gain level. Therefore the design

goal is to characterize noise figure, S21, IIP3 and their relations to find a balance
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among them.

Figure 3.1: Analog design octagon showing trade-off relation among design
factors[44].

There are different kinds of noise sources in LNAs. Channel noise, source

resistor noise, gate resistance noise, induced gate noise and flicker noise are the

major noise sources that appear in integrated circuits. Shot noise and, substrate

resistance noise also exist but these will be disregarded since they are negligible

compared to the other noise sources that are listed above. Both the channel noise

power density spectral id
2 (Equation 3.2) and the induced gate noise power density

spectral ig
2 (Equation 3.3) are thermally derived and are defined, respectively. gg

represents the zero-bias gate conductance (Equation 3.4)[31].

id
2 = 4kT∆fγgd0 (3.2)

ig
2 = 4kT∆fδgg (3.3)
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gg =
(ωCgs)

2

5gd0

(3.4)

where ∆f is the bandwidth, γ and δ are both bias dependent parameters, T

is temperature and k is Boltzmann constant. The channel noise and induced gate

noise are correlated and their relation ig
2 and id

2 is defined by Equation 3.5[31].

κ =
ig

2

id
2 =

δgg
γgd0

=
δ

γ

ω0
2c2
gs

5g2
d0

=
δ

γ

α2

5

ω0

ωt

2

(3.5)

As shown from Equation 3.5, the gate noise is much smaller than the chan-

nel noise since the gate noise to channel noise proportion increases as operation

frequency increases toward the unity gain frequency ωt, while the channel noise is

independent to operation frequency. For most applications, ω0 stays below ωt and

channel noise is more dominant accordingly. Flicker noise, on the other hand, is

dominant in a low frequency domain, and is the main interest for the Gilbert cell

mixer stage since it operates with zero-IF mixing. In the LNA stage, channel noise

and induced gate noise are of primary interest since they deal with high RF fre-

quency signals, targeting the operation frequency of f = 2.4GHz.

A small signal model of a common-source amplifier is shown in Fig. 3.2 for

closer look into noise analysis. The three noise sources here are iRs, ig and id, which

are the source resistance noise, gate noise and channel noise, respectively, related

to the total output noise io, and it should be calculated using a small signal model.

The output noise contribution from the source resistance noise Io,Rs (Equation 3.6),

channel noise Io,d (Equation 3.7), and gate noise Io,g (Equation 3.8) can be indepen-
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dently described as the following based on the small signal model in Fig. 3.2[31].

Figure 3.2: An equivalent small signal model for noise analysis[31].

io,Rs =
Rs

Rs + ωtLs

gm
sCgs

iRs =
Rs

Rs + ωtLs

ωt
jω
iRs (3.6)

io,d =
Rs

Rs + ωtLs
id (3.7)

io,g = Rs
Rs+ωtLs

gm
sCgs

(1− 1
sCgsRs

)ig = Rs
Rs+ωtLs

gm
jωCgs

(1− 1
jωcgsRs

)ig

= Rs
Rs+ωtLs

ωt
jω

(1 + jQ)ig

(3.8)

At the impedance matching status, the small signal noise analysis shows the

channel noise output iO,d is half the id, while io,Rs is proportional to (ωt/jω) · IRs,

which amplifies the IRs since ωt/jω is usually at least above 3. On the other hand,

the gate output noise is amplified by the factor of (1 + jQ) ·ωt/jω. For this reason,

the gate noise can become significant, possibly even more dominant than channel

noise depending on the Q and the operating frequency. According to this analysis,

the common-source amplifier’s noise figure is defined as Equation 3.9 [31].
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F =
i2n,out

i2Rs
= 1 +

γ

α

1

Q
(
ω

ωt
)[1 +

δα2

5γ
(1 +Q2) + 2|c|

√
γα2

5γ
] (3.9)

where the first and the second term represents the channel noise and gate

noise, respectively, and the third term shows their correlated noise. The minimum

noise level is found when differentiating the NF with respect to Q, which provides the

optimal Q value that the channel noise and the gate noise balance. The channel noise

is inversely proportional to Q while the gate noise is proportional to Q. Therefore,

finding the optimal Q is key to the noise optimization. In this consideration, the

mathematically optimal Q is defined as Equation 3.10 [31].

Qopt =

√√√√
1 + 2|c|

√
5γ

δα2
+

5γ

δα2
(3.10)

where c is the correlation coefficient which is normally a purely imaginary num-

ber, γ is a bias dependent empirical factor and is approximately 2/3 for MOSFET

devices operating in saturation region. δ is another bias dependent empirical factor

and α is the intrinsic gain gmr0. Although this analysis becomes a strong guidance

to get minimal NF, it is impossible to count every single factor 100% accurately.

It is more objective to find the optimal Q to find the minimum NF, by sweeping

device width, bias, and the fabrication/bias dependent parameters γ, δ, c. Since ωt

is inversely proportional to the square of device length, setting the device length to

be Lmin = 180nm to maximize ωt is a good starting point. Then device width and

bias point VOV is swept to measure NF. ωt is W/L dependent and Q is dependent

on bias c, γ, δ which are bias-dependent, and α which is device width, length, and
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bias-dependent.

3.4 Nonlinearity Issues

The real RF environment is harsh, noisy and, filled with various electromag-

netic sources that interrupt proper communication of devices. Proximate frequency

signals to the target signal can easily interfere with the fundamental frequency by

creating nonlinearity and noise issues even with efforts to filter them out. For exam-

ple, having an unwanted signal source of f = 2.35GHz for the device with a target

frequency f0 = 2.4GHz can be very difficult to filter out. It negatively interacts with

the target signal so that they are unwillingly processed together within the system,

causing errors in result. In addition to it, harmonics of the input signal of the origi-

nal signal of interest are potential causes of misled sensing through intermodulation

distortion. Therefore, prevention of spurious signals from these sources is one of the

main challenges to build a robust system for an LNA and a mixer. For example,

an input signal of the fundamental frequency f = 2.4GHz that accompanies its nth

harmonics such as 4.8GHz, 7.2GHz, 9.6GHz all interact together with transistors

undesirably due to the nonlinear characteristics of transistor devices.

Ideally, analog circuit designers consider just the first-order transconductance

in modeling process (as in assuming iDS = Idc+gmvgs). While this estimation works

adequately in some cases, it is not always the case since the second or third-order

transconductance terms may not be negligible for some applications, and especially

so in mixer circuits where multiple fundamental frequency/harmonic terms are dealt
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with. In this sensor, the Gilbert cell mixers are followed by the LNAs. This means

high nonlinearity from the LNAs cascades to the GCMs. Hence, it is critical to

suppress nonlinearity from the LNAs. To begin, a transistors’ transconductance has

to be defined using the Taylor’s expansion (Equation3.11).

iDS = Idc + gmvgs +
gm2

2!
v2
gs +

gm3

3!
v3
gs + · · · (3.11)

where vgs = A cosω1t+B cosω2t. The square term v2
gs becomes Equation 3.12.

A2cos2 (ω1t) + 2AB cos (ω1t) cos (ω2t) +B2cos2 (ω2t)

= A2 1+cos 2ω1t
2

+ AB cos ((ω1 + ω2)t) + AB cos ((ω1 − ω2)t) +B2 1+cos 2ω2t
2

(3.12)

and similarly, the cubic term v3
gs becomes Equation 3.13.

= (3A3

4
+ 3AB2

2
) cos (ω1t) + (3A2B

2
+ 3B3

4
) cos (ω2t) + A3

4
cos (3ω1t) + B3

4
cos (3ω2t)

+3A2B
4

cos ((2ω1 + ω2)t) + 3AB2

4
cos ((ω1 + 2ω2)t)

+3A2B
4

cos ((2ω1 − ω2)t) + 3AB2

4
cos ((2ω2 − ω1)t)

(3.13)

As seen above, there are various spurious terms such as nω1, nω2, and nω1±nω2

which are wide variations of the fundamental frequency ω1. These represent nonlin-

ear elements generated within transistors. Particularly, the third-order intermodu-

lation term (red line in Fig 3.3) magnitude grows three times faster with respect to

the increase of the original signal (black line in Fig. 3.3), and the third-order terms
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can surpass the original term’s power. The point where the original signal and the

third-order intermodulation magnitudes intersect (Fig 3.3). This is called the third-

order intersect point (IP3) and the input power at the IP3 is called input-referred

third-order intersect point (IIP3). Fig. 3.3 and Fig. 3.4 depicts their relationship

and how they stand in transistor devices. Therefore, the design goal is to minimize

the inevitable gm2 and gm3 to restrict critical spurious signals.

Figure 3.3: Diagram showing the IMD3 (the red line) to the RF input signal (the
black line), where the intersect point indicates the IP3 [46].

3.5 Design Steps for Common-Source LNAs

The CS topology that features low-noise, fast speed, and moderate gain suit

the requirements for the AoA sensing operating at fc = 2.4GHz and demanding

low-noise and great linearity. Systematic optimization techniques were developed

focusing on input-referred third-order input intercept point (IIP3) and noise figure
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Figure 3.4: An illustration of harmonic signals (red and blue) and their intermodu-
lation (purple) in nonlinear transistor devices. In our application, such intermodu-
lation has to be suppressed[46].

(NF). Fig. 3.9 shows the circuit schematic of the common-source LNA (M1) and the

gm3 suppression technique accompanied by the auxiliary transistors M2 and M3. It

has inductors at the gate and source nodes LG and LD for input impedance matching

and noise optimization. The inductor at the drain LD forms an LC tank with

parasitic capacitance CD seen at the drain node for output resonance at fc=2.4GHz.

To begin the design process, the circuit parameters for the 180nm CMOS model must

be defined. Cox, the oxide capacitance is Equation 3.14.

c′ox =
εsio2 · ε0
tox

=
3.45 · 10−11

4 · 10−9
= 8.63 · 10−3(

F

m2
) = 8.63 · 10−15(

F

µm2
) (3.14)

The c′gs is approximately 2/3 of c′ox for a transistor in saturation mode (Equa-
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tion 3.15).

c′gs =
2

3
c′ox ≈ 5.7

fF

µm2
(3.15)

Kappa for NMOS transistors with the electron mobility µn=405.36(cm2/V ·s)

in 180nm CMOS technology platform is Equation 3.16.

κn = µn ·
c′ox
2

= 405.36 · cm
2

V · s
· 0.421µA · s

V · cm2
= 170.65

µA

V 2
(3.16)

The goal is to get a maximum gm for a given bias current ID. It is a rule

of thumb to set vD,sat = VGS − VTH ≥ 200mV for devices’ region of operation in

saturation mode, in strong channel inversion, or weak channel inversion. Since low

linearity can cause severe third-order intermodulation distortion (IMD3) and heavily

distort the signal, channel inversion intensity must be determined in consideration

of linearity. A device in weak inversion worsens the IMD3, hence the device is put

in strong inversion by setting vD,Sat ≥ 200mV . Given this condition, the transcon-

ductance is aimed at gm = 20mA/V for vD,Sat = 200mV . For this case, ID is set at

gm · vD,sat = 5mA. The next step is to determine the size W/L of the device. Since

gm = 2κn · WL · (VGS − VTH)

which can be rearranged with respect to W/L (Equation 3.17).

W

L
=

gm
2κn · (VGS − VTH)

= 20
mA

V
· 1

2 · 170.65µA
V 2 · 200(mV )

= 293 (3.17)
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With W/L determined, cgs is also determined (Equation 3.18).

cgs = W · L · c′gs = 293 · (0.18) · (0.18) · (µm2) · 5.7 fF
µm2

≈ 54fF (3.18)

cgd and the overlap capacitance cgs,ov and cgd,ov should also be added which

are relatively negligible in scale compared to cgs and cgd. It is difficult to estimate

cgd, cgd,ov, cgs,ov since overlap length xd isn’t given. However it is considered ap-

proximately about 1/3 the scale of cgs generally. With that, the sum of cgd, cgd,ov,

cgs,ov capacitance is evaluated to be 80 fF . This evaluation result provides the total

gate capacitance to be cgate=134 fF . Next is the input impedance Zin. A common-

source amplifier’s input impedance network is equivalent to the model presented in

Fig. 3.5 (Equation 3.19).

Zin = s(Lg + Ls) +
1

scgs
+
gm1

cgate
Ls (3.19)

Figure 3.5: Equivalent input impedance network for the LNA.
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The first and the second signal terms in (10) have to cancel each other out

at the operating frequency fc and so that the real term (gm/cgs)L is matched to

the 50 Ω antenna. Therefore the reactive impedance becomes zero by selecting the

parameters that satisfy s(Lg + Ls) + 1/(sCgs) = 0. By rearranging the equation

with respect to s, it gives

s = 1√
(Lg+Ls)·cgate

Given cgate value and the real impedance (gm1/cgate)Ls = 50Ω, Ls is deter-

mined.

Ls = 50Ω · cgs
gm1

= 50Ω · 134fF
20mA/V

= 0.34nH

This is very small inductance. Since s = 1√
((Lg+Ls)·cgate)

, Lg +Ls can be found

at

Lg + Ls ≈ Lg = 1
s2cgate

= 1
(2π·2.4GHz)2·134fF

= 32.8nH

An LC tank resonance at the operating frequency at the output stage of the

CS amplifier also has to be achieved. The corresponding L,C parameters can be

selectively chosen according to f = 1/(2π
√
LC). The output inductor Ld=0.9nH

was correspondingly decided by the drain parasitic capacitance Cd = 4.6pF which

was the evaluated value from simulation. Finally, a buffer stage is essential for low

output impedance. Since LNA will be used in multiple stages, the output impedance

needs to be 50Ω for source follower M4. For this, gm4 has to be

gm4 = W ·2κn(VGS−VTH)
L

=
W ·2·170.65µA

V 2 ·200mV

L
= 20mA

V

which leads to the sizing of M4 to be

W
L

= 292

Device width, length sizing and gate, source and drain inductance are deter-
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mined from these initial parametric decision steps. This is foundational for further

optimization and an iterative design process which are introduced in section 3.3.

Next is noise analysis. It embodies various correlation factors including device

width, length, bias point, gate resistance, fabrication-dependent constants, oper-

ation frequency, and more. To start, NFmin for the common-source LNA has to

be defined. The noise figure and input referred third-order intercept point can be

approximated and defined in Equation 3.20, and Equation 3.21[45], respectively.

NFmin = 1 +
Rg

Rs

+
γ

α
gm1Rs

ω0
2

ωt
(3.20)

IIP3 =

√
4

3
|α1

α3

| =
√

2

3

gm
Rs

1 + gmRs
2

K
(3.21)

where gate-induced noise, drain-noise, and MOSFET source resistance noise

are accounted. K = µCoxW/L, and Q = 1/RsCgs. γ is a bias dependent value and

typically 1 in saturation region for an 180nm channel length device. α is intrinsic

gain gm0. Reduction of gate resistance Rg, securing balance between the transcon-

ductance, device width and ωt are considered to maintain a minimum noise figure

according to (11). Although (11) shows that the higher the Q is, the lower the

channel is, various studies[3][49] reported that there is an optimal Q for each LNA

application deriving from the balance between the gate noise and the channel noise.

Hence, it is most realistic to find the optimal Q empirically by varying VGS and

device width which will be discussed in 3.6.
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3.6 Optimization Methodology based on the gm/ID Algorithm and

gm3 Cancellation

The width optimization process of WM1 is achieved by adjusting VOV . For this,

the gm/ID algorithm suggests a quantitative circuit design guidance for submicron

MOSFET devices. Three reference graphs must be acquired for the algorithm in

advance: gm/ID vs. VOV (Fig. 3.6) and ft vs. VOV (Fig. 3.6) and ID/W vs.

gm/ID (Fig. 3.7). The simulation is run at VDS = 0.85V and 1.8V, L=180 nm

to acquire a reference for 180 nm transistor characteristics. gm/ID describes the

transconductance efficiency, ft represents a unity current gain frequency that implies

the maximum speed of MOSFETs. ID/W stands for the current density for the unit

width serving as a reference to determine device width which is dependent on the

device’s DC current.
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Figure 3.6: gm/ID, ft vs. VOV reference graphs for VDS = 0.85V and 1.8V at Lmin
= 0.18 µm.
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Set the transconductance gm of the CS amplifier to a 
desirable value.

Step. 1

Determine the channel length.
Step. 2

Set a sweeping range of VOV and get corresponding gm/ID.

Step. 3

Get ID/W for the gm/ID points from step 3.
Step. 4

Revisit VOV.

Step. 7 (b)
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parameters.
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NF, IIP3 to 
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Run simulations on gain, noise figure, and linearity with the 
chosen parameters from above.

Step. 5

Figure 3.8: The parametric optimization flow chart for LNA design.
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Fig. 3.8 shows the design optimization process developed based on gm/ID

algorithm. A moderate transconductance is desired (20mA/V) to secure power gain

S21 above 15 dB (Step. 1). The next step is to confirm the channel length of the

MOSFET M1. A unity gain frequency ft = gm/cgs, is inversely proportional to L2

and accordingly high ft increases intrinsic gain and lessens noise figure as described

in (11). To get better performance in noise and speed, the channel length is set

to a minimum length of L =180 nm (Step. 2). Then, VOV is adjusted to find an

appropriate gm/ID for the design (Step. 3, 4). From Fig. 3.6 and Fig. 3.7, reference

graphs are generated which demonstrate that as VOV increases, gm/ID decreases

while ft increases. Therefore, when VOV is high (strong inversion), gm/ID is low and

ft is high, while in weak inversion where VOV is low, gm/ID is high and ft is low.

Hence an optimal range for the VOV can be determined, and WM1 is computed for

this VOV (step. 5). Next, the gain, noise, linearity, and power are evaluated. (Step.

6). Finally, the parameters setting (Step.7 (a)) or VOV can be revisited (Step.7 (b)).

Table 3.2 becomes an index guide for finalizing the optimal bias point VOV and the

corresponding widths, WM1 at the VOV point. Based on parametric analysis, the

optimal VOV is determined.

Once the optimal Vo is determined, optimal performance on S21, NF, and

IIP3, the CS amplifier can extend its linearity performance further by applying the

gm3 enhancement technique since the third-order intercept point IIP3 in (12) can

be maximized when the ratio of gm1 to gm3 is high[42][57]. Fig. 3.9 shows how

the gm3 enhancement technique is applied. M1 of the CS amplifier is connected in

parallel with the complementary M2 and M3 to suppress gm3 of M1 effectively in
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the appropriate VOV bias domain when M2 and M3 are set to optimal W/L and

body-bias VBS. Thus M2 and M3 are set to generate equal levels of gm3 to that

of M1 but in the opposite direction. This effectively cancels out the third-order

transconductance of M1 without affecting S21 and NF, since M2 and M3 have

significantly higher threshold voltages due to higher VBS relative to M1 which leads

to low first-order gm.
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Figure 3.9: The schematic view of the designed CS LNA with the gm3 suppression
technique using the complementary MOSFETs M2, M3.

3.7 Results and Analysis

To define the optimal bias point VOV where noise, linearity, and power gain

level balance out, S21 (Fig. 3.10), NF (Fig. 3.11), IIP3 (Fig. 3.12) vs VOV is

evaluated for VOV from 0 to 0.25 V in 50 mV steps. This VOV range covers weak

channel inversion (VOV = 0 V, 0.05 V), moderate channel inversion (VOV = 0.1 V,

0.15 V) and strong channel inversion (VOV = 0.2 V, 0.25 V) ranges. The device

width for each VOV is computed from the ID/W in Fig. 3.7 and as shown in Table

3.2. S21 in Fig. 3.10 shows higher S21 as the channel inversion gets stronger but
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saturates above VOV = 0.15 V at S21= 15 dB. It reveals just a 3 dB higher level

than in the worst case scenario of S21 = 12 dB at VOV = 0 V. NF shows very weak

dependence on VOV as the NF at f0 stays at 2.5 dB regardless of VOV . (Fig. 3.11).

In comparison, IIP3 shows large variation with VOV (Fig. 3.12). IIP3 is

relatively high in the weak channel inversion domain, showing IIP3 = -2.46 dBm

and -4.81 dBm at VOV = 0 V and 0.05 V, respectively. In the moderate and strong

channel inversion domain, IIP3 ranges from -6 to -7 dBm which is 2 ∼ 5 dBm lower

than in the weak channel inversion domain. Thus, the weak channel inversion has

a better response on IIP3 while the strong channel inversion is more advantageous

in the power gain S21. This analysis provides important guidelines to determine the

optimal bias for this circuit. The strong channel inversion with the bias VOV = 0.2V

is a great choice since IIP3 has more room for enhancement by the gm3 suppression

technique through the complementary MOSFETs M2, M3 as introduced in the

section 3.1. Fig. 3.13 shows the gm3 profile of M1, M2, M3 w.r.t VOV . The width

and the body bias of M2 and M3 are adjusted to secure low gm3 around VOV =

200 mV. Given the bias point VOV = 0.2 V where the device width WM1 = 48 um

(Table 3.2), the device width of M2 and M3 are determined to WM2 = 21 um, WM3

= 15 um (Fig. 3.13), where gm3 is shown to be low. The IIP3 analysis in Fig. 3.12

demonstrates IIP3 improvement by 10 dBm with the gm3 enhancement technique,

maximizing optimization of the circuit. All results are post-layout simulation results

from the layout Fig. 3.14. Table 3.3 shows that this LNA demonstrates excellent

IIP3 and S21 with moderate NF as compared to previous works[24][4][16][2][8][32].
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VOV
(V)

gm/ID
(1/V)

ft
(GHz)

S21

(dB)
IIP3

(dBm)
NF

(dB)
W

(µ m)
PDC

(mW)
0 14.6 2.8 11.6 -2.46 2.9 117 2.43

0.05 11.4 11 13.9 -4.81 2.58 81 3.15
0.1 9.1 15.8 14.8 -6.78 2.55 63 3.96
0.15 7.3 20 15.2 -7 2.57 54 4.95
0.2 6.1 24.1 15.3 -6.59 2.61 48 5.9

Table 3.2: The LNA parameters according to VOV (before applying gm3 suppresion
technique).

References
S21

(dB)
NF

(dB)
IIP3

(dBm)
Power
(mW)

fc
(GHz)

CMOS
tech (nm)

This work 15.3 2.97 5.84 5.9 2.4 180
[24] 3 12.81 10.5 12.6 2.1 130
[4] 11.6 4.2 1.15 11.6 8 180
[16] 27.5 3.88 -11 11.25 24 130
[2] 31 2.6 -2.5 9.75 2.4 180
[32] 13.7 2.3 N/A 18 6.5 180
[8] 9.3 6.5 -6.7 9 6.5 180

Table 3.3: Comparison of the low noise amplifier with previous works.

3.8 Summary

In this chapter, the combined optimization methodology was developed for the

low noise amplifier. The design applied gm/ID, ft/ID, and ID/W reference figures to

determine an optimal bias and width of the device. In addition, the gm3 suppression

technique was utilized to enhance linearity. Both optimization techniques proved

robust and organized design platforms by showing a significant improvement in

terms of linearity and noise figures. The LNA showed excellent linearity of IIP3 =

5.84 dBm, great noise level of NF = 2.97 dB, and sufficient gain of S21 = 15.3 dB,

which are satisfying specification for angle-of-arrival sensing.
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Figure 3.14: The layout design of the LNA including the three spiral inductors.
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Chapter 4: Development of a Local Oscillator Balanced-to-Unbalanced

(BALUN) Module for the AoA Sensor

4.1 Introduction

In the analog electronic signal approach, signals can be single-ended and/or

differential-ended mode. Differential-ended signals are beneficial in terms of sup-

pressing common-mode noise sources by cancelling out the noise while retaining the

signal of interest in the opposite polarity. Differential-mode is particularly important

in congested and harsh RF environments where sensing remote and weak RF signals

of interest requires suppression of noise and an enhanced SNR. In order to develop

low-noise signal sensing, it is necessary to develop a single input to differential out-

put signal circuit in the form of a balanced-to-unbalanced (BALUN) module that

can be designed to generate clean low noise LO+ and LO- signals for the multiplier.

So the BALUN module is required for the LO input of the Gilbert cell mixer (GCM)

which has to be a balanced input of LO+ and LO-. The BALUN module converts,

and amplifies the LO signal received at ANT−LO and feeds the differential input to

the GCM. The design goal of the BALUN is to provide stable differential LO input

signals, ideally with equal magnitude in the exact opposite polarity on the LO+
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and LO- with low noise. There are three different approaches to accomplish such

a BALUN module. Candidates for the BALUN will first be introduced and details

on the chosen BALUN model will then be analyzed and evaluated. The content

discussed in this chapter was published in [15].

4.2 BALUN Module Options

One option of BALUN implementation is by interleaved structured metal

traces, as shown in Fig. 4.1[10][37]. An interleaved structure-based BALUN is

theoretically equivalent to a transformer circuit with a turn ratio of 1:1, not N:1

as in actual transformers. Although it is a very popular option, the CMOS 180nm

PDK used for this research work does not support fabrication of interleaving struc-

tures of spiral inductors but only allows one spiral inductor in a given area. The

only available inductors are spiral inductors formed by the two layers which are: the

top layer (Nth) and (N − 1th) metal layers. Therefore, the implementation of an

interleaved BALUN can only be achieved by an external device which goes against

the goal of the RFIC sensor design to include the whole system on the chip.

A second option is using delay-line based RC circuits[23](Fig. 4.2). It can form

a system that delays half the period of a signal and generate a 180 degrees converted

signal by applying a corresponding RC parameter that matches to a half period

of the signal time. Utilizing an original input signal and the generated inverted

signal forms a differential signal which in principle, is effectively a single-ended to

differential-ended conversion. While it can be an easy and intuitive implementation,
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Figure 4.1: An example of a transformer-based inductor[10].

it has a critical drawback: an accuracy problem due to mistmatching magnitude and

phase. Converting a single-ended into a differential signal with an exact 180 degrees

difference that corresponds to the exact half period signal can be very difficult due

to mismatching RC time constant. This discrepancy can trigger a critical phase

error which fails the purpose of a BALUN. In addition, sensitivity due to processing

and fabrication variation can add even more mismatching.

The third approach option which is developed in this work is combining a

common-source and a common-gate amplifier, which has distinct advantages over

the previous options. This approach is as simple as combining a non-inverted and

an inverted signal from the common-gate and the common-source amplifier just as

represented in Fig. 4.3[27]. It produces a lower phase error because the CS and the

CG together provide a differential output signal by taking the same single-ended

signal from the antenna as an input and generates an output in the same polarity
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Figure 4.2: An example of a BALUN using RC delay circuits[23].

as the input signal for the CG amplifier and an inverse phase signal for the CS

amplifier[58]. Although this approach easily generates a differential signal, it isn’t a

perfect way due to the drawback that a signal amplitude from the CS and the CG

can be slightly different. This can be adjusted through fine tuning of the parameter

of each CS and CG amplifier circuits and additionally executing symmetry circuit

layout for better matching.

The other noticeable difference to a transformer BALUN (option one, Fig.

4.1) is that it does not just transform a signal to a differential signal in the same

amplitude, i.e. unity gain, but it also amplifies the signal because this circuit is

essentially equivalent to an amplifier stage. As there is no need to maintain a unity

gain since the system indeed requires an amplified signal for a better LO’s switching

function, transforming a single to differential signal with amplification is beneficial

as mentioned above. Therefore, the combinational CS and CG amplifiers approach

was determined to be best for this application and developed in this work.
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Figure 4.3: The CS-CG amplifier BALUN option[27].

4.3 BALUN Circuit Topologies

There are two BALUN topologies based on the combination of the CS and

CG amplifiers. First is the single stage CS and the CG combination. The second

is the combination of the cascode CS and CG. The first option consists of just

two transistors while the second option consists of four transistors. This structural

difference deviates the noise boundary since the second option inevitably always

has higher noise-level potential with double the number of transistors. However,

the cascoded stage option comes with higher gain and most importantly with lower

reverse leakage. Low reverse leakage prevents noisy mixing that causes self-mixing,

and eventually contributes to minimizing mismatches in the AoA, hence the cascode

stage option is more advantageous. Although the relatively higher noise of the

cascode stage itself is not beneficial, the system is not as vulnerable to the LO

signal as it is toward the RF input. This is because the LO signal has to have much
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higher SNR than the RF signal’s that enables flexible switching of the mixer’s LO

transistors for appropriate zero-IF mixing. Therefore, it has a significantly lower

impact on the LO relative to the RF signal and the use of the cascode LO BALUN

can be justified.

4.4 The LO BALUN Design and Modeling

Figure 4.4: The schematic of the on-chip LO BALUN based on the cascode CG and
CS amplifiers developed in this work.

There are three important design aspects to be considered for the BALUN

operation. First is matching the output magnitude of the CS and CG amplifiers

to guarantee the symmetrical LO+ and LO-. The mismatched magnitudes can be

adjusted by the W/L ratio of transistors. If the CS stage needs more amplification

due to a smaller amplitude compared to the CG, the W/L ratio of the CS stage

can be increased for a larger gm value and vice versa. Second is maintaining low

noise levels to minimize negative influence on the ∆φ detection. Although the LO
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input is less sensitive to noise than that of the RF input in the mixer, low noise

still leads to more accurate AoA sensing consequently. Third is the suppression of

the LO reverse leakage. Reversely leaking in the LO adds jitter to the LO, and

distorts mixing. Taking these three design focuses into consideration, an on-chip

BALUN is implemented with an inductor connected to the source node of the CG

which is parallel to the LO input port. This provides DC ground to the input

of the CG amplifier which guarantees the same bias voltage VGS for both the CS

and CG amplifiers. In addition, no direct input and output feedback through the

parasitic capacitance of Cgd, results in lower reverse leakage. Furthermore, loads are

formed with resistive loads because these are superior to active loads in reducing

flicker noise and increasing linearity. Fourth, a minimum phase error between the

Vout+ and Vout− is critical. Certain levels of phase error do not critically impact the

result, however, when large, it may distract a stable switching operation of the LO

transistors in the mixer. Therefore, it is important to evaluate the maximum error

range to evaluate the performance of the Gilbert cell mixers.

Lastly, the output headroom has to be well established. Since the input power

of the BALUN stage is relatively much stronger due to the significant amplification

through the four consecutive LNA stages, it is important to secure large output

headroom to process the signal without getting distorted. Choosing an appropriate

load is one way to maximize the output swinging range. Not only does the output

power saturation have to be handled properly, but also the input power capability

needs serious attention to avoid saturation of the input signal. Appropriate gate

biasing is required to cover the input swinging range while still maintaining stronger
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inversion condition in the channel. Fig. 4.4 presents the schematic of the LO

BALUN designed based on the consideration of all critical aspects discussed in this

section.

4.5 Results and Analysis

The LO BALUN transforms the single-ended LO input into the differential-

ended signal by providing a reasonable amplitude with low noise while avoiding

signal attenuation. Fig. 4.5 shows the transient evaluation of the LO+ and LO-.

LO+ from the CG amplifier and LO- from the CS amplifier in the opposite polarity

shows greatly matching amplitudes with less than a 1% difference in magnitude.

This result is ideal for the LO differential input of the GCM for clear switching

operation for zero-IF mixing as the BALUN output swings with respect to the

threshold voltage of the LO transistors in the mixer. Fig. 4.6 shows the NF versus

frequency exhibiting an NF = 3.83 dB at f0 = 2.4 GHz which is slightly higher than

that of general single common-source LNAs or common-gate LNAs. The noise level

in the LO has a relatively lower impact than that of the RF input since the LO

amplitude at the GCM is much larger and is used for mixing without affecting the

detection of ∆φ. The results demonstrate single-ended to differential ended output

signal conversion to provide appropriate LO+ and LO- for the GCM.

The Fig. 4.7 shows the layout of the BALUN unit, with the chip area corre-

sponding to 200 µm x 500 µm.

57



0 1 2 3 4 5
Time (ns) 10

-9

-0.015

-0.01

-0.005

0

0.005

0.01

0.015

M
a
g

n
it

u
d

e
 (

m
V

)

Common-source amp
Common-gate amp

Figure 4.5: Transient simulation on the LO BALUN representing the matching
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Figure 4.7: The LO BALUN layout. The large top four are resistor elements, the
small four at the bottom are the cascode transistors and the large square on the
bottom left is the capacitor.

4.6 Summary

Based on the key considerations described above The BALUN design and

modeling was developed based on a combination of cascode common-source and

common-gate amplifiers. The design resulted in a high performance BALUN with

very low gain mismatching less than a 1% of error. NF was also shown to be low

at NF = 3.83dB at the operating frequency. Both results showed the ability to

deliver the signal without any significant distortion the original signal, especially

considering that LO BALUN comes after the four consecutive LNA stages where

their output is a massively amplified signal. In conclusion, the result showed that

the LO BALUN is well suited for the RF tracking sensor to be used in the differential

LO input of the Gilbert cell mixer since it shows greatly matching magnitude in the

opposite polarity to switch the LO stage on and off clearly enough.

59



Chapter 5: Optimization Methodology for Gilbert Cell Mixers

5.1 Introduction

In advanced wireless communication systems, it is essential to develop a stable,

low noise mixing stage for the high frequency carrier signal to provide an efficient

transfer of the voice, video, and/or media data signal of interest. A Gilbert cell

mixer is one of the most commonly used active mixers. In this sensor application, a

Gilbert cell mixer is the core module for phase detection that is utilized in the angle-

of-arrival sensing. The AoA sensor takes the RF input on the two antennas Ant1−θ

and Ant2 − θ with a certain phase difference and feeds them into the Gilbert cell

mixer’s RF+ and RF- input, respectively, for zero-IF mixing of the RF input and

LO input. The zero-IF outputs the phase differences of RF+ and RF- that contain

the angle-of-arrival information. Although it is a simple principle of zero-IF mixing,

a phase detection performance can vary widely depending on the completeness of

the design. Poor optimization of the Gilbert cell mixer can easily lead to the failure

of the AoA sensing. The mixer is particularly sensitive to linearity degradation,

noise generation, and gain attenuation that become significant factors in limiting

phase detection. Previous studies report various topologies for Gilbert cell mixers

such as the gm3 cancellation technique[5][25], common-gate based designs[26], and

60



an inductor-less design[20] to enhance their performance in one way or the other.

The Gilbert cell mixer presented in this chapter concentrates on three main

design elements for the AoA detection in this sensor: conversion gain, linearity, and

noise. Linearity degradation can become a serious problem in a congested RF envi-

ronment. Suppressing such nonlinearity to prevent intermodulation distortion, is a

challenging task. Noise is critical on the Gilbert cell mixers as the switching opera-

tion at the local oscillator (LO) stage can produce severe flicker noise, in addition to

the MOSFET channel noise. These noise sources must be suppressed accordingly.

Noise level determines the minimum signal the system is capable of processing that

in turn becomes an indicator of the minimum AoA sensing sensitivity. Finally, con-

version gain is another crucial factor to be considered, as higher conversion gain is

also related to higher AoA sensing accuracy. The conversion gain defines an analog-

to-digital conversion error range that influences the AoA computational process of

the microcontroller. Thus, achieving an optimal balance between conversion gain,

linearity, and noise is the key to the successful design and implementation of a

Gilbert cell mixer for the AoA application.

In this chapter, the fundamentals of Gilbert cell mixers are discussed and

some of the modified Gilbert cell mixer existing topologies, are examined and eval-

uated. Following that, the design strategy of the Gilbert cell mixer for this RF

sensor based on the novel combined optimization methodology, is presented. The

proposed methodology combines four key design techniques which are the current

bleeding technique, the inductive resonance technique, the gm/ID based width (W)

optimization technique, and the flicker noise optimization technique to develop the
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key parameters optimal for the AoA sensing application. The concurrent application

of these four techniques can provide a universal optimization approach to different

RFIC system applications to determine an optimal performance point for a Gilbert

cell mixer. Current bleeding is an important step to reduce flicker noise and acquire

better linearity in the mixer by directly supplying some portion of DC current to

an RF transistor pair which results in the reduction of the DC current through the

switching stage[36]. The second method is the inductive resonance which counter-

acts the parasitic capacitances that negatively impact the leakage current at the

source node of the LO stage. Optimizing the inductive parameter choice can greatly

reduce noise and improve linearity further[34][38]. The third optimization technique

in this proposed methodology, is the gm/ID based width (W) optimization of the

MOSFETs. The gm/ID based design approach provides guidance to reach the de-

sign goal by using lookup charts for the given CMOS technology, which in this case

is 180nm. Lastly, the flicker noise optimization technique is discussed by focusing

on the load resistance and current bleeding resistance ratio. This technique can

dramatically reduce low frequency noise which can be a great solution for accurate

AoA detection. The content discussed in this chapter was published in [14].

5.2 Gilbert Cell Mixer Topologies

There are two types of Gilbert cell mixers that are applied depending on signal

types: a single-balanced and a double-balanced Gilbert cell mixer which are for a

single-ended signal and a differential-ended signal, respectively. This RF sensor
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in particular requires a double-balanced mixer for a differential RF input since it

needs to differentiate the phase differences between the RF+ and RF-. The base

topology of a double-balanced Gilbert cell is shown in Fig. 5.1[45]. It mixes a

differential RF input (f=f1) with a differential LO input (f=f2) and provides an

intermediate frequency (IF) output that consists of two frequency signal terms which

are up-converted (f =f1 + f2) and down-converted (f=f1 − f2) signals. Depending

on applications, a mixer can be concentrated on either the up-converted or down-

converted signals. In this application, zero-IF mixing is intended, which requires

the RF and LO signals to be the same frequency. Therefore, the zero-IF outputs

consist of the f = 2f1 term and the DC signal term. This DC signal term includes

the phase difference information to be used for angle-of-arrival computation.

To successfully achieve this goal, there are many design aspects that must be

set appropriately. The most important thing is to guarantee the switching operation

of the LO stage. This can only be fulfilled when sufficient LO input magnitude is

provided to sufficiently swing the LO transistors. For this, there are two conditions

to be satisfied. First, sufficient amplification of the LO signal has be secured before

it reaches the LO transistors of the mixer and second, appropriate DC bias must

be applied. The first prerequisite is realized by using 4-stage LNAs that takes the

input from the antenna Ant−LO and provides the output to the LO BALUN. The

BALUN then converts the amplified single-ended LO to the differential signal to

provide the LO+ and LO- for the Gilbert cell mixer. Second, DC biasing of the

LO stage must be set as close as VOV = VGS − VTH=0. However, achieving VOV =0

is not as simple as adjusting the gate bias of the LO transistors. The difficulty
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originates from the source node voltage of the LO stages being passively determined

along the bias current, the biasing of the RF stages, and the load resistances, as

well as secondary factors such as possible process variations and unstable voltage

references. To alleviate these issues, an appropriate topology has to be selected that

is resilient to these issues.

There are a few topologies of Gilbert cell mixers reported that are intended to

enhance the performance of Gilbert cell mixers by taking such issues into account.

First is the Gilbert cell mixer with a tail current source (Fig. 5.1)[43]. The tail

current source can provide a very specific amount of current to both the RF and

LO stages. However, securing the region of operation in saturation for the current

source transistors causes the reduction of headroom and linearity of the mixer,

limiting the output voltage swing range. Second is the Multi-tahn topology. It

has the RF stage consisting of three RF transistor pairs in parallel to maintain

constant transconductance gm throughout a wide range of input as indicated in Fig

5.2[41]. This can be beneficial for wide bandwidth applications, but the headroom

and linearity of the mixer is still limited. Third is the current bleeding topology

which is shown in Fig. 5.3[50]. The goal of this topology is to provide current

directly to the RF stage transistors. The idea is realized by adding an additional

transistor stage that provides DC current that flows through the LO stages. In this

way, DC current through load resistors is reduced, resulting in increased output

headroom, but still a limited linearity. Fourth is the folded cascode mixer (Fig

5.4)[51]. This can reduce power consumption but has drawbacks in linearity.

There are several other topologies for Gilbert cell mixer design, but each topol-
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Figure 5.1: A basic double-balanced Gilbert cell mixer schematic with tail
current[43].

Figure 5.2: A schematic of the Multi-Tanh technique mixer[41].
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Figure 5.3: A double-balanced mixer with the current bleeding technique[50].

Figure 5.4: A folded cascode mixer[51].
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ogy has different design targets with pros and cons depending on applications. In

the present application, the main goal is to zero-IF mix with low noise and high

linearity.

5.3 Design Approaches and Strategy

Figure 5.5: The circuit schematic of the designed Gilbert cell mixer in this work
based on the developed combined methodology.

Active mixers have high NF, typically above 10dB beyond the flicker noise

corner frequency fc and even higher NF below fc which derives from flicker noise,

and potentially limiting the AoA sensing unless reduced. Specifically, suppression of

flicker noise plays a critical role in this sensor since the flicker noise, which is dom-

inant at a low frequency, can generate serious levels of jitter in Equation 2.6 and

Equation 2.7, affecting the accuracy of the ∆φ. In addition, active mixers are vul-

nerable to intermodulation distortion, particularly to third-order intermodulation
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distortion. The Gilbert cell mixer displayed on Fig. 5.5 is designed and developed

in order to reduce NF and improve IIP3 while maintaining reasonable conversion

gain. For this, the combined methodology with three optimization techniques is

applied here. The three techniques applied concurrently are: the current-bleeding,

inductive resonance, and gm/ID width optimization techniques.

The current bleeding method effectively provides a bypass path for some por-

tion of DC current through the LO switching stages which results in: firstly, less

current through the switching stage transistors M3 - M6 and secondly, the load

resistors RD allow more headroom for an intermediate frequency (IF) output en-

abling better linearity and lower flicker noise. There are several ways to achieve

current bleeding such as using passive resistors or active loads. In the present

model, polysilicon resistors were chosen, which do not contribute flicker noise by

themselves (RCB), and are placed between the supply voltage VDD and the drain

of the RF transconductance stage M1 and M2.

The inductive resonance approach deals with the parasitic capacitance at the

source node of the switching stage. This parasitic capacitance becomes a source of

AC current leakage preventing smooth switching, causing increases in flicker noise,

and attenuating or degrading conversion gain (CVG). Placing an inductor across

the source node of the LO switching stage effectively cancels out capacitive leakage,

enhancing CVG, linearity, and noise.

Lastly, the gm/ID based width optimization for the RF and LO stage transis-

tors is used as an alternative to the MOSFET square law which is an inaccurate

model for a submicron CMOS technology. The pre-simulated lookup charts gener-
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ated in this work and shown in Fig. 3.6 and Fig. 3.7 precisely render intrinsic gain,

current density (ID/W ), and unity gain frequency (ft) to achieve the design goal.

The W/L ratio on the RF stage and its bias point determine the transconductance

gm and circuit speed ft which are both correlated to the circuit linearity and noise

level. The W/L ratio on the LO stage and its bias point have a critical impact on

flicker noise and MOSFET channel noise, but relatively minor effects on linearity.

Significant improvement can be made in the Gilbert cell mixer performance based

on these principles and design approaches.

The LO signal is a key element of this circuit. This stage switches on and

off to trigger mixing with the RF input signal. Ideally the LO signal has to be a

square wave to instantly turn on and off the LO stage transistors for the switching

activity. However, the LO input is received from the RF input antenna sources,

indicating that it will be coupled to one of the RF antenna input signals, and is in

the exact same form as the RF input in sinusoidal waveform. The up-conversion

output deriving from these two sources is not symmetrical with 50% duty cycle due

to the nonmatching waveform phase of the RF and the LO inputs. However, this

non-symmetry is negligible since the sensor is only interested in the down-conversion

output which is a DC signal.

Moreover, the LO signal magnitude has an impact on the noise, conversion

gain, and total power dissipation. In general, the larger the LO signal is, the cleaner

mixing outcome it gets with better SNR resulting in lower NF. This is because the

larger the magnitude of the LO, the better chance there is to clearly switch the LO

transistors on and off. Although it requires more power to generate a sufficiently
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amplified signal for the LO input, it comes with benefits such as cleaner mixing

performance with lower NF which is the core interest of this sensor. For this reason,

the LO power is targeted to be amplified around the targeted -5 dBm through four

consecutive LNA stages.

Conversion gain represents relative amplitude of the IF output to the RF in-

put. While conversion gain is an important factor to secure sufficient SNR, it is also

important to secure high phase detection accuracy in this sensor since it directly

determines the overall AoA sensing detection quality. The ideal conversion gain

(CVG) is equivalent to Equation 5.1.

CV G = gmRL (5.1)

However, the CVG output generally ends up lower than the theoretical model

due to the incomplete switching operation of the LO transistors and signal loss due

to parasitic capacitances. Therefore, development of an optimal balance among

CVG, NF, IIP3 is required to satisfy the need for this mixer’s AoA sensing.

5.4 Noise Analysis

Noise is attributed to a few different noise sources such as flicker noise, ther-

mal noise from resistors, and MOSFET channel noise. Flicker noise is frequency-

dependent and dominant in the lower frequency range. It is inversely proportional

to W*L hence the bigger the W*L is, the lower flicker noise generally. Thermal

noise is proportional to resistance of resistors, and channel noise is proportional to
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gds which is approximately equivalent to λID. This indicates that higher tail current

(IDC , Fig. 5.5) causes more channel noise. On the other hand, a higher tail current

lowers conversion gain. Therefore, a balance between the channel noise and CVG is

determined by the tail current.

5.5 gm/ID Width Parameter Optimization

Maintaining high current and high ft contribute to overall lower noise. All

the transistors in this design are set to the minimum length L = 180 nm since Lmin

settles with high ID/W , ft and reasonable intrinsic gain. To secure CVG in the ∼10

dB range, the RF stage is targeted to gm1,2 = 25 mS with the load resistor RL =

500Ω. Having both gm = 25 (mS) and IM1,2 = 2.5 (mA) (=ID / 2) set for M1 and

M2, the VOV = 0.1 (V) is found at gm/ID = 10 (1/V) where ft = 40 (GHz) in Fig.

3.7. Similarly ID/W = 22 (A/m) is determined at gm/ID = 10 (1/V), providing the

WRF = 113 (µm). The LO stage bias sits just at the verge of VOV = 0 (V) for swift

switching action which concludes WLO = 166 (µm) for M3−M6 where IM3 = 1.25

(mA) at ID/W = 7.5 (A/m).

5.6 Further Optimization of the LO Transistors

In addition to the combined optimization methodology given in the three pre-

vious sections, further optimization steps and analysis are introduced that resulted

in significantly lower flicker noise. The current bleeding technique supplies DC cur-

rent through the RF transistors (M1, M2) which limits DC current through the LO
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transistors (M3−M6). This reduction of current in the LO stage lowers flicker noise

caused during the switching operation. In addition, it leads to more headroom for

Vout with less DC current through load resistors RD, allowing higher linearity. To

get the best performance from this technique, the present design analysis is focused

on the impact of the RD to RCB ratio. This ratio indirectly determines the DC

operation point of the LO transistors and has a significant impact in terms of noise

as discussed in section 3.3.

5.7 A Current Mirror for the Gilbert Cell Mixer

The Gilbert cell mixer uses a tail current source. It is comprised of a beta-

multiplier circuit and a current mirror stage. The goal of this current source is to

provide an accurate 5mA while not being affected by voltage variation of the source

node of the RF input transistors. To achieve this goal, the output impedance of

the current mirror’s output has to be large since it becomes more insensitive to the

output voltage variation. This states that the output voltage has to be wide-swing

operational.

A cascode current mirror structure is chosen as a base topology. This topology

requires a bias voltage reference. The beta-multiplier is used here, (Fig. 5.6) and it

is designed upon the consideration to overcome the none-start-up status issue. The

presence of the start-up circuit, MSU1, MSU2, MSU3 helps resolving this issue by

guaranteeing start-up of the current mirror when the supply voltage turns on[7].
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Figure 5.6: A current source circuit developed in this work that includes a beta-
multiplier for a voltage reference, a start-up circuit and wide-swing current source[7].

5.8 Results and Analysis

Several simulations were run to determine the ideal parameters and demon-

strate the performance of the Gilbert cell mixer. The RF input frequency was at f

= 2.4 GHz with the IF bandwidth of 10 MHz. Simulations were run on CVG vs.

RF power, third-order input intercept point (IIP3) vs. RF power, and noise figure

vs. frequency for each of the current bleeding and inductive resonance techniques

to characterize their effects independently. The following is the width optimization

simulation run for the RF and LO stage transistors employing the current bleeding

resistors RCB = 500 Ω and inductive resonance with LR = 6nH. Here, the RF power

is swept from -50 dBm to 20 dBm for both CVG vs. RF power and IIP3 vs. RF

power. Two tone RF small signals of f = 2.401 GHz, 2.401.1 GHz were applied for
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IIP3 simulation which results in the output IM1 frequency at 1.1 MHz and IM3

frequency at 0.9 MHz. In the noise figure simulation, an IF sweep from 10 kHz to

100 MHz is carried out.

5.8.1 The Current Bleeding Technique

To estimate the appropriate amount of current bleeding, the simulation is run

on varying RCB from 300 Ω to 1100 Ω in 200 Ω steps. Fig. 5.7 shows CVG vs. RF

power and IIP3 vs. RF power. It shows the best flat region CVG = 7.3 dB and

second highest IIP3 = 2.8 dBm at RCB = 500 Ω. Fig. 5.8 depicts a noise figure

where NF = 13.02 dB at f = 10 MHz at RCB = 500 Ω. The results indicate that

current bleeding resistance has a moderate impact on CVG and IIP3, and a small

impact on the noise level.
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Figure 5.7: CVG and IIP3 vs. PRF (RF input power) with the current bleeding
technique. The figure shows the conversion gain and IIP3 with different RCB. The
optimal CV Gmax = 7.3dB, and IIP3 = 2.8 dBm (both in green) at RCB = 500 Ω
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Figure 5.8: NF vs. frequency with the current bleeding technique. The figure shows
the minor dependency of NF on RCB at frequency at 10MHz and above.

5.8.2 The Inductive Resonance

The inductive resonance effectively lessens the AC leakage in the LO stage. To

find the optimal inductance, the following simulation tested the inductance variables

LR from 2 nH to 10 nH in 2 nH increment steps. Fig. 5.9 shows the CVG and IIP3

vs. RF power demonstrating a flat region of CVG at 7.7 dB and IIP3 at 2 dBm

for an inductive value of LR = 6nH. The noise figure in Fig. 5.10 validates the best

flicker noise and flat region noise response NF = 13.1 dB with LR = 6 nH at f =

10 MHz. The simulation describes critical response to inductance LR on CVG and

NF, while exhibiting minor dependence on IIP3.
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Figure 5.9: CVG and IIP3 vs. PRF with the inductive resonance technique. The
figure shows the conversion gain and IIP3 with different LR. The optimal CV Gmax

= 7.7dB, and IIP3 = 1.94 dBm (both in green) at LR = 6nH.

10
3

10
4

10
5

10
6

10
7

10
8

Frequency(Hz)

10

15

20

25

30

35

40

45

50

55

N
oi

se
 F

ig
u

re
(d

B
)

L
R

=2nH

L
R

=4nH

L
R

=6nH

L
R

=8nH

L
R

=10nH

NF decreases as

L
R

 increases

NF = 13.15 dB @ L
R

 = 6 nH

Figure 5.10: NF vs. frequency with the inductive resonance technique. The figure
shows that the LR has significant effects on NF at frequency at 10MHz and above.

76



5.8.3 The gm/ID Algorithm based Width Optimization

The simulation is executed on the RF transistors with width variation from

40 µm to 240 µm in increments of 40 µm in an effort to specify the optimal width

for WRF . The model has the inductive resonance with LR = 6 nH and the current

bleeding with RCB = 500 Ω applied and the LO width is set WLO = 166 µm. CVG,

IIP3 vs. RF power and NF vs. frequency in Fig. 5.11 and Fig. 5.12 which display

their width dependence. Here, the RF stage width increment had increases on

CVG and decreases on NF representing moderate dependency on RF width, while

it showed the best IIP3 at WRF = 120 µm where gm1 = gm3 is at its maximum.

Having the optimized WRF = 120 µm, the post simulation was run to characterize

the actual performance. With all three optimization techniques combined together,

it showed CVG = 4.13 dB, IIP3 at RF power of 11.5 dBm and NF = 14.77 dB at

f = 10 MHz where WRF = 120 µm and WLO = 160 µm. Table 5.2 represents the

performance comparison of this work against other works. It proves the excellent

balance among conversion gain, IIP3, and noise figure of this model.

5.8.4 Flicker Noise Optimization

Even with the optimization technique that enhanced the performance of the

mixer, it is necessary to further optimize the low frequency flicker noise, as the low

frequency noise still appeared to be at a high level, above 20 dB at f below 10 kHz.

In order to analyze the impact of RCB to RD ratio on the GCM, RD ranges between

400 Ω to 2400 Ω in 400 Ω steps. Fig. 5.13 shows the NF vs. RCB at RCB = 500
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Figure 5.11: CVG and IIP3 vs. PRF with width Wopt variation of the RF transistor.
The figure shows A. The pre-layout shows the optimal CVG and IIP3 at Wopt = 120
µm (light blue). B. The post-layout evaluation also showing the optimal width at
Wopt = 120 µm, where it shows CVG = 4.13 dB and IIP3 = 11.5 dBm(black).
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Ω. A critical difference is observed on flicker noise ranging from NF = 42.74 dB

(RD = 400 Ω) to 14.68 dB (RD = 2400 Ω) at f=1 kHz. Flicker noise level saturates

above RD = 2000 Ω. To understand the origin of this high level of flicker noise at

low RCB to RD ratio, the transconductance gm of M7− 10 vs. RD is examined and

plotted Fig. 5.14. The result reveals an inverse relationship between gm and RD

which explains the significant decrease in flicker noise at the higher ratio. Next, the

conversion gain vs. frequency is shown in Fig. 5.15 where it showed the flat-region

gain of 4.29 dB that is a reasonable level of gain to process the AoA sensing. An-

other important feature examined is the IIP3 shown in Fig. 5.16. It demonstrates

minor dependence to RD on linearity for RD above 800 Ω, indicating the highest

IIP3 = 11.63 dBm at RD = 400 Ω. The flicker noise also shows dependence on DC

operation points of the LO transistors, which can be explained by the choice of RD

(Table 5.1). As RD increases, VDS gets dramatically smaller similar to flicker noise

decreases. Specifically, the flicker noise level has a noteworthy improvement as VDS

is almost equal to VDS,sat which validates that flicker noise is optimized around the

triode and saturation region of the MOSFETs. Based on the results, RD = 2000 Ω

is chosen as the optimal value giving NF = 15.07 dB at f = 1kHz, IIP3 = 5.85 dBm

and conversion gain = 4.29 dB. This result is far better than that at RD = 400 Ω

where it showed almost 30 dB higher NF at f = 1kHz although with a higher IIP3

at 10.85 dBm.

In summary, adjusting RD in a way that VDS gets close to VDS,sat and addi-

tionally reducing the gm allows the LO transistors to operate right at the edge of

the triode to the saturation region where the flicker noise is low with a reasonable
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RD (Ω) VGS (mV) VDS (mV) VDS,sat (mV) gm (mA/V) NF @ f= 1kHz
400 652.35 695.27 57.01 8.52 42.74
800 661.492 391.57 57.69 8.15 33.68
1200 673.13 124.446 59.29 7.56 20.77
1600 705.91 21.77 69.128 4.66 16.16
2000 738.98 10.209 82.16 2.95 15.07
2400 762.94 6.43 92.698 2.14 14.68

Table 5.1: The GCM parameters according to RD.

IIP3. Table 5.2 compares the performance of the GCM with previous works. The

presented Gilbert cell mixer shows superior linearity of IIP3 = 5.85 dBm and ex-

cellent low flicker noise with NF = 15.07 dB at f = 1kHz, demonstrating the great

potential for the AoA sensing applications.
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Figure 5.13: NF vs. RCB on the GCM. Flicker noise decreases as RCB increases.

5.9 Summary

The development of the double-balanced Gilbert cell mixer circuit demon-

strated an efficient systematic design process based on combined optimization method-
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ology developed here, that concurrently included current bleeding, inductive reso-

nance, and gm/ID based width optimization techniques. The mixer is based on

180 nm CMOS technology for target operation frequency at 2.4 GHz. The current

bleeding resulted in great improvement on CVG by 3.8 dB and IIP3 by 4.6 dBm,

and the inductive resonance validated significant enhancement in NF and CVG by

7.2 dB and 10.7 dB comparing the best and the worst scenario. The gm/ID based

width optimization showed strong agreement between the estimated calculation and

References
CVG
(dB)

IIP3
(dBm)

NF
(dB)

Power
(mW)

CMOS tech (nm)

This work 4.29 5.85 15.07 9 180
[38] 10.3 0 12 4.3 130
[42] 13.8 -4 8.2** 2.7 130
[39] 13.1 -2.8 11.9 1.5 130
[56] 7.1 -6.9 19.6* 2.95 180
[34] 2 12.7 12.87* 4.32 180
[47] 9.95 N/A 8.12 3.5 180

Table 5.2: Comparison of the Gilbert cell mixer with previous works.
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the simulation results to be utilized for systematic optimization. The optimal cur-

rent bleeding was validated to work optimally when it put the LO transistors in

the vicinity of the linear mode and saturation mode operation. Combining all the

optimization techniques, the Gilbert cell mixer exhibited an excellent post-layout

simulation result with CVG = 4.13 dB, NF = 14.77 dB, IIP3 = 11.5 dBm.
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Chapter 6: Chip Layout, Pad Frame, Packaging, and PCB Effects

6.1 Introduction

This chapter discusses the side effects of layout, a pad frame, and a package

and ways to mitigate and reduce such side effects. These are essential parts of

the AoA sensor that consist of the IC chip that is interconnected to the 2 mm

x 2 mm pad frame and the DIP40 package. Each circuit module in the system

is established on the initial schematic design. The circuit layout is created and

extracted to evaluate layout factors. Then their parasitic effects are counted in for

post-layout design characterization for the most accurate estimation of the circuit

module. Intersections in the layout generally degrade the performance to a certain

extent relative to the ideal schematic design performance due to inherent parasitic

RLCs. Therefore, the layout design is a major focus in minimizing parasitics.

A pad frame and an electrical package are essential parts of this sensor since

they are responsible for delivering signals in and out of the chip, interconnecting

the chip and the outside world. While wafer level measurement shows the true

performance of the circuit on its own, a pad frame and an electrical package cause

signal attenuation, distortion, delay, and noise to some degree, constraining the

capability of the designed circuit. Therefore, the objectives of a pad frame design
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and electrical packaging are to reduce degrading effects. The content discussed in

this chapter was published in [15].

6.2 Layout Considerations and Floor Planning

One of the side effects that RLC parasitics cause is the DC offset, which can

become a major source of mismatching between the final system output VOUT+ and

VOUT−. An effective floor plan is essential to equalize the metal trace length between

differential signal inputs/outputs such as VIN+, VIN− and VOUT+, VOUT− to mini-

mize such offset. Moreover, metal layers interconnect overlapping, or crisscrossing

become sources of parasitic R,L and C. Ideally, it is beneficial to keep an optimum

distance between signal traces to avoid any unwanted crosstalk and possible induc-

tive parasitic effects. Especially interconnection traces delivering large signals such

as VDD and GND have a significant impact on the chip, and must be carefully

located and routed to secure a sufficient distance with other interconnect traces.

In addition, there are non-negligible parasitic capacitances that originate from

intersecting interconnect-traces. For example, traces that stretch vertically and the

ones that run horizontally form an intersecting node and build parasitic capaci-

tances. Therefore, attention needs to be paid to minimize such parasitics since they

may cause a failure of the chip operation. Since a capacitance is inversely propor-

tional to the distance between two metallic plates separated by a dielectric medium,

increasing the distance of these intersecting node lowers capacitances. Therefore,

using far-distanced two metallic layers (e.g. M6 and M1 layers) can be very ef-
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fective in reducing the parasitics in comparison to relatively closer distanced layers

(e.g. M3 and M2 layers), without sacrificing other performance factors. This layout

strategy can be important in order to avoid performance degradation, especially in

those nodes that are more sensitive to parasitic capacitances rather than parasitic

resistances.

Another consideration is to secure an appropriate signal interconnect trace

width to achieve a good balance between low parasitic resistance and capacitance.

Resistance in metal is proportional to ρ · l/A. Therefore, enlarging an area lessens

parasitic resistance effectively. However, it also becomes a source of larger parasitic

capacitance. Thus, an optimal width must be determined according to the traces of

interest that may require more suppression either on parasitic resistance or capac-

itance. In this sensor design, metal interconnect trace are prioritized to M1, M2,

M3 layers for horizontal traces and M4, M5, M6 layers for vertical traces.

I/O pin assignment on this pad frame also has an impact and must be des-

ignated as symmetrically as possible. After establishing a fundamental floor plan

and layout strategies, finalizing the chip layout becomes an iterative process as the

layout has to be revisited by reflecting the post-layout simulation results analysis.

That way, it can reduce the DC offset as low as possible. In addition, certain levels

of DC offset can also be compensated by dummy metal traces. Fig. 6.1 indicates the

chip layout floor plan. The 2 mm x 2 mm layout is equally divided into 9 sections.

The LNAs for Ant1− θ, Ant2− θ, Ant3− ψ, Ant4− ψ are located at each corner

section of the layout and four-stage LNAs in series for the LO signal amplification

are located in between these LNAs sections, resulting all the surrounding 8 corners
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occupied by the four RF LNAs and the four-stage LO LNAs. Each LNA section

takes approximately 600 µm x 600 µm space. Three spiral inductors that come with

each LNA take up large portion in these module areas represented in circular spaces

as shown in Fig 6.2.

LO-ANT GND V_OU

T_X+

VOUT

_X-

VDD

RF_θ-

RF_Ѱ+

RF_θ+

RF_Ѱ-

VDD V_OU

T_Ѱ+
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GND
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LNA_LO_1

GCMs/ 

BALUN / 

LPFs

LNA_LO_3

LNA3_Ѱ+ LNA_LO_4 LNA4_Ѱ-

Figure 6.1: The equivalent floor planning and I/O pin assignments on the pad frame.

The GCMs and their corresponding current mirror stages, the low-pass filters,

and the LO BALUN circuits are concentrated at the very center section of the chip

in the 600 mm x 600 mm space. Having these modules located at the center of the

chip enables better symmetry to the RF and LO LNAs. This is especially so, since

the Gilbert cell mixer is the most sensitive module towards DC offset amongst all

the others. I/O pin assignments for Ant1 − θ, Ant2 − θ, Ant3 − ψ, and Ant4 − ψ

are presented in the bond pads shown in the outer most space in Fig. 6.1. These
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are all distributed at each corner of the pad frame for symmetry. Lastly the design

rules, wirebond rules, and antenna rules have to be taken into consideration so that

the layout can be fabricated along the vendor’s requirements.

Pin assignments were placed to secure tolerable space among critical pins.

Having two or more critical pins placed right next to each other derives mutual

inductance, capacitance and/or more additional noise. This tendency is especially

true for pins with low SNR such as the LNA input sources. Similarly, it was vital

to minimize the number of pins assigned to the pad frame to reduce any additional

noise. Although it would be easier for diagnostic purposes to get as many pins

connected as possible by allowing a probe access to more circuit nodes, it also can

trigger systematic chaos by adding more noise, and electromagnetic induction. The

overall chip layout is shown in Fig. 6.2.

6.3 Bond Pads and Pad Frame Issues

After finalizing the circuit layout, the pad frame comes into play in order to

interconnect all I/O signals of the chip and the custom designed chip mounting

PCB. The signal travels through the IC to the DIP40 package to the chip mounting

PCB and vice versa. In this sensor, the DIP40 package is used with the custom

designed chip mounting PCB that includes connectors and external components to

interconnect them together with the sensor IC. The pad frame is placed around the

border of the IC and takes up the outer most space of the 2 mm x 2 mm and is

built with 40 bond pads. Each of these I/O bond pads are hardwired to the DIP
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Figure 6.2: The chip layout including the pad frame. The center section includes
the GCMs, LPFs, and BALUN circuit.
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40 package pins through a gold wirebond. Space dimension of bond pads differs

depending on the vendor’s specification and systematic requirements, although they

generally range from 40 µm x 40 µm to 120 µm x 120 µm in square shape. This

sensor pad frame is designed with the 100 µm x 100 µm bond pads. Bond pads

must always be located at the top metal layer since the top most metal surface

is where the wirebond is applied. Before this process is accomplished, the glass

passivation cut process has to be completed as shown in Fig. 6.3. These 100 µm x

100 µm bond pads reveal that the metal layers of the overlapped bond pads had to

be accounted in the design process since this large area constructs relatively larger

parasitic capacitance.

The connection between the I/O bond pads and the ICs has to be accomplished

in a tapered manner by avoiding abrupt changes of traces as an example shown in

Fig. 6.4. While the one side of the interconnection on the bond pad has 100 µm

metal trace width, the signal paths in the circuit node usually measures at a ∼1um

scale. This disparity in width can cause significant resistance. Metal traces are

designed in a tapered shape to transform this shifting smoothly.

Figure 6.3: Cross-section view of Top Metal and Passivation of Bond Pad [1].

The pitch of the IC Pad frame is set in 187 µm so that all 40 bond pads are
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aligned with equal distances between them, using the maximum space for the 2 mm

x 2 mm chip area. The 187 µm pitch allows for aligning 11 pads on each side that

corresponds to the dimension of 1970 µm. Specifically, 11 pads of 100 µm which

are a distance of 87 µm from each other, form the total dimension of 1970 µm (11

x 100 µm + 10*87 µm (corner pitch) = 1100 µm + 870 µm= 1970 µm) on each

side. A space of 30 µm space is left on each corner as a margin, to ensure room for

saw-cutting during the fabrication process.

The next consideration in the pad frame design is an electrostatic discharge

diode (ESD) protection. ESDs are necessary to protect the chip from potential elec-

trostatic discharge. To achieve the protection through them, each bond pad is set

up with the ESD protection circuits with low 50 fF load capacitance. These diodes

are bidirectional to protect the circuit when circuit nodes are exposed to impulsive

(spike) signals, releasing the charge effectively towards either VDD or GND depend-

ing on the direction of the impulsive signals. Impulsive signals momentarily change

the bias of either the D1 or D2 which activates a diode forward bias, effectively

bleeding excessive charges and protecting the chip accordingly (Fig. 6.5). 50 fF ca-

pacitance can still be heavy for certain circuit application, such as RF circuits that

require sophisticated impedance matching. For this reason, critical circuit nodes

have to count ESD diode capacitance within the design process to specifically pre-

dict and be able to analyze true performance of chips.

A guard ring is another protective layout tactic. A guard ring is paired with

each RF transistor since RF transistors require extra protection for better sensitiv-

ity. In addition, VDD and GND metal traces surrounding the pad frame come with
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guard rings. They can flexibly provide power rails to any part of the chip while

effectively insulating them from noise by draining noise to substrate.

Figure 6.4: I/O Bond Pad layout. The bond pad is 100 µm x 100 µm dimension
with the ESD protection circuits on its side.

Fig. 6.4 displays the layout of the I/O bond pad with a 100 µm x 100 µm

dimension with the ESD protection circuits on its side. At the bottom, the VDD

and GND guard rings are shown. The 40 cells of these modules organizes the pad

frame that surrounds the ICs. The pad frame layout is shown in Fig. 6.6.

6.4 Packaging and PCB Consideration

The DIP40 package manufacturer provides a datasheet that represents an

equivalent RLC circuit model for characterization. Fig. 6.7 shows an equivalent

serial RLC model that characterizes the wirebond represented by R1, L1, and C

values. These values vary depending on pins since each pin has different signal

traces and are shown in Table 6.1.

These values become an indicator to decide which pins to assign to specific
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Figure 6.5: Bidirectional ESD protection circuits. The two diodes D1 and D2 to-
gether form 50 fF load.

Figure 6.6: The designed pad frame with 40 I/O bond pads in 1.97 mm x 1.97 mm
dimension.
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Figure 6.7: An equivalent RLC model between bond finger to pin for the DIP 40
package[35].

nodes because these parameters must be counted to accurately evaluate the model.

Otherwise, it results in failure, particularly negatively affecting the operation of

sensitive nodes with low SNR. Therefore the data in Table 6.1 turn into a gauge for

I/O assignments.

PIN R1 (Ω) L1 (nH) C (pF) tof (ps)
1,20,21,40 0.217 8.18 5.32 209
2,19,22,39 0.177 7.92 4.39 187
3,18,23,38 0.154 7.34 3.37 156
4,17,24,37 0.110 6.48 2.34 123
5,16,25,36 0.103 5.69 2.16 111
6,15,26,35 0.0661 4.37 1.43 79.0
7,14,27,34 0.0646 4.54 1.48 81.9
8,13,28,33 0.0498 3.69 1.05 62.3
9,12,29,32 0.0378 3.54 0.863 55.3
10,11,30,31 0.0247 3.15 0.660 45.6

Table 6.1: Electrical characteristics of the DIP 40 package[35].

It is also possible to take advantage of these unwanted parasitic parameters

in the Table 6.1 and use their values instead of components. Source inductance of

LNAs is sometimes utilized by using these parameters since the inductance range

for the source inductances is usually small (below 1nH) which is a realistic value

to be covered by these RLC parasitics. However, this approach was not applied for
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this sensor since the provided data from Table 6.1 did not meet the requirements

for the sensor.

A custom chip mounting PCB was designed and fabricated to accommodate

the chip mount and peripheral elements for the RF inputs/outputs and testing. The

PCB includes a chip mount for the chip packaged in DIP40, I/O BNC connectors

for antennas and RF test signals, final system output, and other external compo-

nents that are needed for on-chip implementation such as coupling capacitors and

inductors. Fig. 6.8 shows the overall structure of the sensor system which consists

of the four RF inputs, each going into the LNAs, and the two LO input connections

which are fed to one of the four RF inputs for zero-IF mixing. Two sets of the RF+,

RF- are for the azimuthal and polar angle measurement, respectively. One of the

biggest challenges of this PCB layout is keeping critical signal traces as symmetrical

as possible to avoid unwanted offset and errors that negatively influence the AoA

computation. This is especially true at the PCB design-level because physical scale

of the traces is much bigger than those inside the chip. Unwanted crosstalk from

proximity signal traces induces noise and signal attenuation, so optimizing PCB

space among critical signal traces, space allowing, is very important to attenuate

these side effects.

6.5 Summary

The sensor IC layout and floor planning optimization strategy developed here,

was discussed to effectively minimize signal transmission interruption due to their
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Figure 6.8: The custom mounting PCB with its floorplan.

proximity and parasitic effects. Next, the pad frame design was presented including

the details of bond pads and the accompanied ESD protection circuits. Sizing of

bond pads and their I/O assignments were carefully inspected to suppress DC offset

and avoid potential sources of parasitics and signal degradation. Finally, the DIP40

package characterization table was analyzed to optimally adapt its RLC data to

match each pin to corresponding nodes in the sensor IC.
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Chapter 7: Evaluation of the AoA Sensor and Conclusions

7.1 Overall System-Level Evaluation

The AoA sensor receives the remote RF signal through the antennas and

extracts the phase difference (Equation 2.10) for polar and azimuthal incident angle

as discussed in chapter 2, which it then converts into a DC voltage map (Equation

2.6, 2.7) capable of input to analog-to-digital converter (ADC) (Equation 2.8, 2.9)

for processing. Thus the sensor provides the VOUT of Equation 2.6, 2.7 dependent

on the RF input phase. The purpose of a system-level simulation in this section

is to verify the phase difference ∆φ to the corresponding analog voltage response.

This testing was done by generating direct RF+ and RF- signals entering the sensor

at incident angle 6 AoA. This is realized by having the RF+ input phase swept

from 0◦ to 360◦ while keeping the RF- phase fixed to 0◦ for simplicity to ensure

relative phase difference between the RF+ and RF- signal inputs. The sensor then

transforms the phase difference into a DC voltage map as shown in Fig. 7.1. Fig.

7.1 shows the differential low pass filter outputs, Equation 2.6, 2.7, for the RF+

input phase which varied between 0◦ and 360◦ in 20◦ increments for the pre-layout

circuit which excludes any layout parasitic effects. The results in Fig. 7.1 show

the transformation of ∆φ into output DC voltage with a family of output voltages
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corresponding to ∆φ in every 20◦ increments where an increase is observed as ∆φ

increases from 0◦ to 180◦ and a decrease from 180◦ to 360◦ reaching a steady-state

saturated DC voltage at 130 ns. The phase difference ∆φ is measured at the steady-

state point (130ns) to allow multiple measurements of an event within seconds and

provide a fast-sampling rate for the microcontroller to increase sensing confidence.

To further characterize and analyze the performance of the chip, a post-layout

evaluation (Fig 7.2) is also run based on the chip post-layout parameters. Both

results show that a steady-state is reached at approximately t = 130 ns. As ∆φ

varies on the RF+ and RF-, the pre-layout result shows increases in voltage from

Vout=-12.6 mV at ∆φ =0◦ to Vout=+12.6 mV at ∆φ =180◦ and symmetrically

decreases in voltage from Vout=+12.6 mV at ∆φ =180◦ to Vout=-12.6 mV at ∆φ

=360◦ (=0◦) providing a swing range of 25.2 mV. Similarly the post-layout result

shows increases in voltage from Vout=-13.6 mV at ∆φ =0◦ to Vout=+7.4 mV at ∆φ

=180◦ and symmetrically decreases in voltage from Vout=+7.4 mV at ∆φ =180◦

to Vout=-13.6 mV at ∆φ =360◦ (=0◦), with a reduced swing range of 21 mV in

comparison to the 25.2 mV of the pre-layout result. Furthermore, the output DC

offset voltage at t = 0 s for the pre-layout and the post-layout are 0 mV and -

13.4 mV, respectively. This non-symmetry originates from the parasitic RLCs of

the metal interconnects in the post-layout circuit and it is accounted for the circuit

extraction parameters for AoA computation. In addition, the reduction in the swing

range derives from the reduced conversion gain in the post-layout case.

The compression of the swing range in the post-layout case (21 mV) can reduce

somewhat the detection accuracy during the analog-to-digital conversion process for
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Equation 2.8 and Equation 2.9. Therefore, in order to characterize the maximum

error of the sensor, an 18 bit analog-to-digital converter (ADC) is used as a reference.

For example, an 18 bit ADC with a maximum input voltage of 5V has a maximum

error of 5/218 = 0.019 mV. The calculation of the maximum AoA error around 6 AoA

= 90◦ and for AoA error around 6 AoA = 0◦ are shown below in Equation 7.1, 7.2

and Equation 7.3, 7.4, respectively.

A cos(90◦)− A cos (φx)

A cos(0◦)− A cos(180◦)
=

0.019mV

21mV
(7.1)

φx = cos−1(cos(90◦)− (0.019/21) ∗ (cos(0)− cos(π))) = 90.103◦ (7.2)

The calculation above shows a maximum AoA detection error of ∆φ = 90◦

- φx = 0.103◦ for an 18 bit ADC. Similarly, the calculation of the maximum AoA

error around 6 AoA = 0◦ follows below.

A cos(0◦)− A cos (φy)

A cos(0◦)− A cos(180◦)
=

0.019mV

21mV
(7.3)

φy = cos−1(cos(0◦)− (0.019/21) ∗ (cos(0)− cos(π))) = 3.447◦ (7.4)

where ∆φ = 0◦ = 3.447◦. A relatively large error range is shown in this case.

In summary, the results demonstrate stable AoA sensing capability of this system,

with a quantified upper limit of AoA error of 3.447◦.
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Figure 7.1: Overall system pre-layout phase conversion into a map of DC output
voltages. The figure shows the conversion into DC output voltage reaches steady-
state at 130ns which is fast enough for multi-sampling and confident measurement
of events.

Figure 7.2: Overall system post-layout phase conversion into a map of DC output
voltages. Similar to the pre-lay result, the figure shows the conversion into DC
output voltage reaches steady-state at 130ns which is also fast enough for multi-
sampling and confident measurement of events.
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7.2 First RF Sensor Prototype Results and Analysis

The first remote RF sensor prototype was designed and fabricated in accor-

dance with the 500nm CMOS technology. This first realization of the circut design

is essentially similar in terms of module structure and design flow compared to

the later version realization in the 180nm CMOS technology, albeit with a few no-

ticeable differences. For example, the first prototype did not include any on-chip

inductors due to the ineligble fabriaction of on-chip spiral inductors by the vendor’s

requirement for the specific 500nm CMOS technology used. Alternatively, off-chip

inductors were adapted. The other difference was the presence of a phase-locked

loop in the 500nm version for analog signal demodulation since originally the sensor

was required to process demodulation of the received RF signal on top of RF direc-

tional sensing. That option was removed in the latest prototype fabricated in the

180nm CMOS technology, to solely focus the system capability to the AoA sensing.

Fig. 7.3 is the scanning electron microscope (SEM) view of the first prototype

chip. The chip is in an area of 1.5 mm x 1.5 mm chip at the center, wirebonding

shown to the I/O pads of the DIP40 package and the chip. Fig. 7.4 displays a

top-down view of the chip. The circuit chip, in 1.5mm x 1.5mm dimensions, largely

consists of two pairs of the GCMs, LNAs, low-pass filters, and the phase-locked loop

circuit for demodulation and the AoA structure.

The experimental testing of the first prototype chip focused on demonstration

of the mixing functionality of the GCM modules which was accomplished by ob-

serving a multiplication function. Starting from a 10MHz RF input, the maximum
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Figure 7.3: The first prototype chip in SEM view which shows the chip at the center,
wirebonding shown to the I/O pads of the DIP40 package and the chip.

Figure 7.4: The top-down view of the first prototype chip. The chip, in 1.5 mm x
1.5 mm dimensions, consists of two pairs of the GCMs, LNAs, low-pass filters, and
the phase-locked look circuit.
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frequency range of the chip was tested by increasing the RF input frequency, to

define its maximum bandwidth. This procedure was preceded by another experi-

ment to define the threshold LO power that shows multiplication operation because

the RF input maximum bandwidth can only be defined once the operation of the

LO transistors switching is guaranteed. The outputs were measured by a spectrum

analyzer that represented a magnitude in the dBm scale equivalent to the power

ratio in decibles of the measured power relative to 1mW.

First, the threshold LO power experiment validated threshold multiplication

response at the LO power of -35 dBm, which is equivalent to 0.316µW in 50 Ω input

impedance. To accomplish proper mixing, a sufficient level of input common mode

voltage bias setting was required to place the LO transistors right around Vov = 0.

Since the source node of the LO transistors was passively determined, the turn-on

bias that is, the LO transistor gate bias voltage was found at VLO,bias= 1052 mV at

the RF input frequency of fRF=10MHz, by manually sweeping the voltage until the

f1 + f2, and f1 − f2 signal terms appear in the spectrum analyzer.

Second, the RF input maximum bandwidth was tested by varying the RF in-

put frequency from 10MHz to 50MHz in 10 MHz steps at the LO frequency which

was fixed at 4.3MHz for the testing. The RF signal was directly fed to the sensor in-

put. External components such as BNCs, coupling capacitors and off-chip inductors

were placed on the breadboard to solely test the chip operation, despite increased

parasitic effects and noise. The data in Table 7.1 represent the down and up conver-

sion power measurement along the RF input frequency variation at the RF power

at -45 dBm. The mixing performance is shown to be solid below fRF = 40MHz, and
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sharp output power decreases above 40MHz. The spurious signals, m ∗ f1 ± n ∗ f2

as a result of the harmonics of the f1 and f2 signals, are mixed together and these

mixed signals are repeatedly mixed with others creating even further spurious sig-

nals as shown by the spectrum analyzer in Fig. 7.5(a) and 7.5(b). As predicted,

the third-order terms 2f1± f2 and f1± 2f2 among all the spurious signals increased

faster than the target output, f1− f2, f1 + f2 increases with increasing input power.

Eventually the third-order intermodulation distortion (IMD3) surpassed the original

output power when the RF input signal reached above ∼ -10 dBm. These third-

order intermodulation distortion IMD3 proved to be the main source of spurious

signals/noise, and were particularly difficult to filter out since it was close to the

targeted signal frequency. This signal proximity due to IMD3 was the main reason

for developing the gm3 cancellation technique to compensate and suppress IMD3,

for increased linearity in the 180nm CMOS technology prototype. The test results

validated mixing functionality of the chip for the the proof of concept, demonstrat-

ing operation up to fRF= 50MHz, providing a platform for further optimization and

higher frequency ranges.

0 f1 − f2 (dBm) f1 + f2 (dBm)
10MHz -26.83 -24.79
17MHz -29.76 -23.86
20MHz -29.06 -27.79
30MHz -24.30 -36.18
40MHz -31.51 -27.13
50MHz -46.29 -48.98

Table 7.1: The down and up-converted output responses with respect to the RF
input frequency varied from 10MHz to 50MHz for the first prototype chip.
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Figure 7.5: (a)Spectrum analyzer view for the mixer’s output at fRF=40MHz,
fLO=4.3MHz. (on left)
(b)Spectrum analyzer view for the mixer’s output at fRF=50MHz, fLO=4.3MHz.
(on right)

The 500nm prototype showed limited potential in comparison to the latest

180nm CMOS prototype which also provided better libraries for on-chip inductors,

RF NMOS, PMOS, polysilicon resistors, allowing a more flexible and complete de-

sign. Furthermore, the first prototype had non-optimal sized devices, failing to

properly bias the RF and the LO transistors, contributed to less effective opera-

tion of the sensor with higher noise, gain attenuation, and lower linearity. The

180nm CMOS technology showed obvious advantages in terms of minimum tran-

sistor length because a smaller minimum MOSFET length affects faster operating

speed, although it has limits with lower intrinsic gain. The minimum length of

180nm was chosen for transistors to improve operation speed for such reasons.

7.3 Conclusions

The development, design, modeling, and evaluation of an RF sensor IC chip

for remote RF directional tracking has shown that the IC design approach using
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the guidelines developed in this work based on the novel combined optimization

methodology for optimizing RF sensor for AoA detection, resulted in significant

improvments in the performance of the sensor. The design approach using novel

low noise amplifiers, BALUNs and Gilbert cell mixers, provided the basic elements

for enhanced on-chip sensing. The sensor effectively converted the phase difference

from the incident signals into a map of output voltages suitable for an 18 bit ADC

readout. The method developed here is highly accurate and provides effective guide-

lines to optimize chip design. The phase difference conversion to the output voltage

map reaches a steady-state condition for measurement at 130 ns which allows for a

fast multi-sampling approach to enhance confidence and accuracy of the measure-

ment. The design of the low noise amplifier was developed based on the gm/ID

parametric optimization and gm3 suppression techniques. The BALUNs were im-

plemented with the cascode common-source, common-gate amplifiers combinational

design. The Gilbert cell mixers were developed with the gm/ID parametric opti-

mization, inductive resonance, and current bleeding techniques and optimization of

DC operation points of the LO transistors that resulted in a dramatic reduction of

flicker noise and high balancing linearity. The LNA showed high linearity at IIP3

= 5.84 dBm, NF = 2.97 dB, and a good gain at S21 = 15.3 dB. The LO BALUN

circuit showed greatly matching cascode CG and CS amplifier outputs in the oppo-

site polarity with less than a 5% difference in magnitude and NF = 3.83 dB. The

GCM showed excellent NF =15.07 dB @ f = 1 kHz, high linearity IIP3 of 5.85 dBm,

conversion gain of 4.29 dB at the RF input power of 30 dBm. Both the LNA and

the GCM showed excellent linearity and low noise levels through the optimization

106



process presented here. A system level post-layout evaluation provided the conver-

sion of the phase difference into an output voltage map for accurate 6 AoA sensing.

From the post-layout evaluation, the upper limit of AoA detection error of 3.447◦

was determined[15].

7.4 Future Work

The dissertation work demonstrates the robustness of the AoA sensing and

provides a solid theoretical background for the CMOS Process Design Kit (PDK)

based prototype chip development. In future work, the calibration data of the chip

in the actual RF environments would provide further validation of the remote RF

sensor. The combined optimization methodology developed here can be applied to

develop high performance sensor chips for different applications at different frequen-

cies, such as biosensors, and biomedical devices.
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7.5 Publication Record

7.5.1 Referred Journal Articles

• J. Chung and A. A. Iliadis. Design and Optimization of a CMOS IC Novel RF

Tracking Sensor. International Journal of Circuit Theory and Applications 49.3 (2021):

801-819.

7.5.2 Referred Articles in Press

• J. Chung and A. A. Iliadis. (accepted, in press) Novel Approaches and Methods

for Optimizing Highly Sensitive Low Noise Amplifier Design Strategy for Congested RF

Environments. TechConnect Briefs (2021).

7.5.3 Referred Conference Proceedings

• J. Chung and A. A. Iliadis, ”Modeling a High Linearity, Low Noise Gilbert Cell

Mixer using Three Optimization Techniques,” 2020 IEEE 63rd International Midwest

Symposium on Circuits and Systems (MWSCAS), Springfield, MA, USA, 2020, pp. 790-

793, doi: 10.1109/MWSCAS48704.2020.9184485.
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